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Experimental  Radiation  and  Mutual  Coupling 
Characteristics  of  Dual-Polarized 
Tapered  Slot  Antenna  (TSA)  Arrays 

T-H.  Chio',  D.H.  Schauberf  and  H.  Holier^ 

'DSO  National  ^Antenna  Laboratory,  U.  of  ^  Royal  Institute  of 

Laboratory,  Massachusetts,  Amherst,  MA  Technology,  Stockholm, 

Republic  of  Singapore  01003,  USA.  Sweden 

Abstract.  Two  Sx9  dual-polarized  TSA  arrays  are  designed  and  built  based  on 
infinite  array  calculations.  In  an  infinite  array  environment,  scanning  up  to  6  =  50*^, 
they  are  expected  to  have  about  4.2:1  and  5.8:1  bandwidth  respectively.  Plated- 
through  vias  are  used  to  simplify  the  construction  process.  Simulations  showed  that 
the  vias  also  eliminated  most  of  the  H-plane  scan  anomalies  that  are  typically 
associated  with  these  arrays.  This  paper  presents  experimental  radiation 
characteristics  and  mutual  coupling  results  from  these  arrays.  The  results  showed 
that  finite  array  effects  are  very  severe  at  the  low  end  of  the  operating  band.  Also, 
cumulative  mutual  coupling  contribution  from  co-polarized  elements  is  more 
significant  than  that  from  cross-polarized  elements.  The  results  suggest  that  a  TSA 
array  should  be  more  than  AXq  in  dimension  so  that  the  center  element  sees  a  lai^e 
array  environment. 

I.  Introduction 

Since  its  introduction  by  Lewis  et.  al.  [1]  in  1974,  the  TSA  antenna  has 
been  touted  as  a  potential  candidate  for  wideband,  widescan  phased  array 
applications.  There  has  been  some  progress  recently  when  [2],  [3]  presented 
design  data  for  large  single-polarized  TSA  array.  In  a  more  recent  development, 
Wunsch  [4]  presented  a  full-wave  MoM  analysis  program  that  is  capable  of 
analyzing  dual-polarized  infinite  TSA  arrays.  In  an  independent  development 
Holter  [5]  presented  a  Finite  Difference  Time  Domain  (FDTD)  code  that  allows 
the  dual-polarized  TSA  infinite  array  to  be  analyzed  efficiently.  A  unit  cell  and  a 
small  array  are  shown  in  Fig.  1. 

In  a  parameter  study  [6],  it  is  shown  that  a  large  wideband,  widescan,  dual- 
polarized  TSA  array  is  indeed  possible.  The  design  example  in  [6]  has  a 
bandwidth  of  about  4.5:1,  up  to  0  =  50°  in  all  scan  planes.  Generally,  the  high 
end  of  the  operating  band  is  limited  by  H-plane  scan  anomalies  that  typically 
characterize  such  array.  Using  [5],  it  was  found  that  most  of  the  H-plane  scan 
anomalies  are  eliminated  by  strategic  placement  of  plated-through  vias  in  the 
ground  plane  of  the  slotline  [7].  It  extends  the  bandwidth  of  the  array  to  about 
5.8:1  while  scanning  up  to  0  =  50°  in  all  planes.  However,  at  the  low  end  of  the 
operating  frequency  band,  each  anterma  element  is  small,  typically  less  than  one- 
tenth  of  a  wavelength.  The  TSA  array  was  designed  with  data  from  the  parameter 
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study  of  the  infinite  array  and  the  extent  of  the  impact  of  its  small  size  on  array 
performance  was  not  known.  Therefore,  the  focus  of  this  work  is  a  relatively  low 
cost  experimental  investigation  of  a  small  dual-polarized  Tapered  Slot  Antenna 
(TSA)  array.  The  objective  of  this  paper  is  to  present  measured  radiation  and 
mutual  coupling  data  that  may  be  useful  to  array  designers  and  that  may  point 
towards  the  required  size  of  the  TSA  array  so  that  infinite  array  design  data  may 
be  valid. 

Section  II  describes  the  design  considerations  and  fabrication  procedures. 
The  data  from  the  parameter  study  [6]  are  used  to  design  two  dual-polarized  TSA 
arrays.  Practical  issues  like  material  selection  and  fabrication  process  are 
addressed.  Section  III  presents  the  results.  The  mutual  coupling  coefficients 
between  elements  are  measured.  They  are  analyzed  at  various  frequencies  to 
observe  the  effects  of  the  finite  size  of  the  array.  The  “active”  reflection 
coefficients  are  also  computed  and  presented.  The  “active”  anteima  patterns  are 
measured  in  an  anechoic  chamber.  The  gain  obtained  is  compared  with  the 
theoretical  gain  of  a  single  element.  Co-  and  cross-polarization  radiation  patterns 
are  also  given  for  the  cardinal  planes  and  (j)  =  45°.  The  results  are  analyzed  and 
discussed  at  various  points  in  this  section. 

II.  Design  Procedure 

This  section  outlines  the  design  procedure  and  considerations.  The  design 
parameters  are  obtained  from  the  parameter  study  [6].  The  parameters  are 
frequency  scaled  to  make  use  of  commercially  available  materials. 
Considerations  are  also  given  to  the  fabrication  and  assembly  process.  The  details 
are  given  below. 


Fig.  la.  Dual-polarized  TSA  element:  unit  cell. 
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A.  Design  considerations 

A  number  of  parameters  (the  stripline-slotline  transition,  stripline  stub  and 
thickness  and  dielectric  constant  of  the  substrate)  affect  the  performance  of  the 
array.  This  was  studied  in  detail  in  [2]  and  [3]  for  single-polarized  TSA  arrays. 
When  the  data  are  used  in  dual-polarized  TSA  array  designs,  the  results  are 
comparable  with  that  of  the  single-polarized  version.  The  parameter  study  in  [6] 
presents  the  effects  of  various  parameters  on  the  performance  of  TSA  element  in 
an  infinite  dual-polarized  array  environment.  The  parameters  that  strongly  impact 
the  performance  are  the  circular  slotline  cavity  D^,  the  length  of  the  tapered 
slotline  L^,  the  exponential  opening  rate  of  the  tapered  slotline  R  and  the  element 
width  w  (see  Fig.  2).  The  design  example  in  [6]  illustrated  that  one  can  choose  a 
particular  parameter  -with  good  performance  in  a  sub-band  to  mitigate  another  that 
degrades  the  performance  in  that  sub-band.  Typically,  as  the  array  is  scanned  off- 
broadside,  its  performance  improves  when  scanning  in  the  E-plane  but 
deteriorates  when  scanning  in  the  H-plane.  For  a  given  scan  angle  9  in 
intercardinal  scan  planes,  the  performance  is  somewhat  like  a  weighted  average  of 
the  E-  and  H-plane  scans  at  that  angle.  This  means  that  the  array’s  overall 
performance  is  bounded  by  its  performance  in  the  E-  and  H-plane  scans.  The 
collective  results  of  [2],  [3]  and  [6]  provided  a  guide  to  design  a  large  dual- 
polarized  TSA  array. 

Using  the  results  of  the  parameter  study  as  a  guide,  the  design  (see  Fig.  2) 
for  substrate  thickness  of  0.315cm  and  s,  =  2.2  (Taconic®  2x62  mils  TLY-5)  is 
chosen.  Using  the  FDTD  code  in  [5],  the  predicted  VSWR  for  this  antenna  for  H- 
plane  scan,  6  =  50°,  is  shown  in  Fig.  3.  VSWR  vs.  frequency  plots  for  H-plane 
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scans  are  shown  here  because  they  represent  the  worst  performance  of  the  array. 
In  an  infinite  array  environment,  this  design  is  expected  to  have  about  4.2:1 
bandwidth,  scanning  up  to  0  =  50°  in  all  planes. 
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B.  Fabrication  process 


The  stripline  straeture  is  constoicted  using  standard  photolithography 
techniques  and  bonded  together  by  Rogers®  3001  bonding  film.  To  construct  fire 
dual-polarized  TSA  army,  the  PC  boards  are  slotted  so  that  they  can  be 
interleaved  as  shown  in  Fig.  4.  The  three  small  slots  shown  below*  the  circular 
cavities  are  provisions  for  a  low-loss  transition  from  a  standard  SMA  connector  to 
the  stripline.  However,  a  troublesome  characteristic  of  the  dual-polarized  TSA  is 
that  there  must  be  good  electrical  contact  between  all  comers  of  the  deep  and 
narrow  boxes  of  the  unit  cell  in  Fig.  la.  It  is  shown  in  [8|  that  several  severe 
resonances  will  occur  in  single-polarized  TSA  arrays  if  the  electrical  contracts  are 
not  present.  This  eff^t  is  ^so  observed  in  the  dual-polarized  arrays  To 
overcome  this  problem,  piated-through  vias,  connecting  the  ground  planes  of  the 
stripline  feed,  are  introduced  to  simulate  the  narrow  metallic  walls  between  the 
ground  planes  as  shown  in  Fig.  5.  The  array  is  asseihbled  by  soldering  the 
intersecting  comers  of  orthogonal  PC  boards  along  the  entire  length  of  the  antenna 
element.  Two  8x9  arrays  were  built;  8  elements  m  E-plane  and  9  elements  in  the 
H-plane.  Ihe  final  configurations  of  the  elements  for  the  two  arrays,  shown  in 
Figs.  5a  and  b,  have  exactly  the  same  dimensions  except  that  the  vias  are  placed 
differently.  Ihe  array  with  fire  vias  that  are  placed  along  the  edge  of  the  element 
is  named  “SV”  (for  straight  vfas),  while  the  array  with  vias  fiiat  are  placed  along 
the  contour  the  exponenlid  taper  is  named  “CV”  (for  contoured  vias). 
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SMA  Connector  SMA  Connector 


Fig.  6  shows  the  simulated  results  of  “SV”  and  “CV”  in  the  infinite  array 
environment.  Compared  to  Fig.  3,  other  than  a  very  slight  frequency  shift,  the 
results  of  “SV”  showed  that  the  vias  perform  essentially  the  same  as  solid  metal 
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posts.  More  interestingly,  wben  the  vias  are  placed  as  in  “CV”,  almost  all  of  the 
H-piane  scan  anomalies  are  eliminated.  In  [7],  it  ^yas  found  that  some  of  these 
anomalies  are  related  to  resonance  due  to  the  cavity  formed  by  the  metallic  posts 
and  the  ground  planes  of  the  stripline.  By  jjlacing  the  plated-through  vias 
strategically,  most  H-plane  scan  anomalies  are  eliminated.  The  effects  on  the  D- 
plane  scan  angles  are  similar  to  die  H-piane  scans  while  there  are  no  effects  at 
broadside  and  E-plane  scan  angles.  At  about  6.3  GHz,  the  onset  of  the  grating 
lobe  can  be  seen. 

Figs.  7  and  8  show  the  assembled  array  with  the  connectors.  In  Fig.  7,  the 
dots  that  run  along  the  ex^ionential  taper  are  the  plated-tiirough  vias  that  connect 
the  ground  planes  of  the  stripline  feed.  In  this  design,  the  ground  plane  at  the 
bottom  of  the  larger  square  cavity  (see  Fig,  la)  has  been  omitted,  which  simplifies 
the  assembly  process  fiirther.  This  is  shovm  in  Fig.  8.  Using  die  FDTD  code  of 
[5],  it  was  detennined  that  excluding  the  ground  plane  does  not  affect  the 
performance  of  an  infinite  TSA  array  in  any  significant  way.  This  is  because  the 
large  cavit}'  is  like  a  square,  air-filled  waveguide  that  is  operated  below  cut-off. 
However,  an  effective  ground  plane  is  maintained  within  the  dielectric-filled 
region  by  a  row  of  plated-through  vias  placed  below  the  circular  slotline  cavity. 


Fig.  7:  Front  view  of  the  dual-polarized  TSA  array 
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Fig.  8:  Bottom  view  of  dual-poiarizsd  TS A  array 
C  Experimental  Setup 

For  identification  purposes,  the  elements  are  referred  to  using  their 
assigned  numbers,  as  shown  in  Fig.  9.  The  first  and  second  digits  refer  to  the 
square  cells  in  the  x-  and  y-directions  respectively.  A  “1”  in  the  third  digit  refers 
to  tire  x-polarized  element  vtitile  a  “2”  refers  to  the  y-polarized  element  located  at 
the  bottom  and  left  side  of  that  cell,  respectively.  The  x-polarized  elements 
nearest  to  tiie  center  of  the  array  are  “451”,  “551”  while  the  y-polarized  center 
elements  are  “542”  and  “552”.  Most  of  the  experiments  are  performed  on  these 
center  elements. 

For  the  “SV”  and  “CV”  arrays,  two  sets  of  experiments  were  performed. 
The  was  to  measure  the  radiation  characteristics,  ie.  “active”  element 
patterns  and  gain  of  the  center  elements.  The  co-  and  cross-polarized  element 
patterns  are  taken  for  a  selected  center  element,  e.g.  “542”,  with  the  other 
elements  terminated  in  match  loads.  The  second  was  to  measure  the  coupling 
coefficients  (scattering  parameters)  between  a  selected  center  element  and  the  rest 
of  the  elements  in  the  array  using  a  vector  network  analyzer.  For  these 
measurements,  the  antenna  is  placed  in  tiie  UMass  Antenna  Laboratory’s  ground- 
plane/anechoic  chamber.  From  tiie  coupling  coefficients,  a  number  of  parameters 
like  the  “active”  reflection  coefficient,  the  “active”  element  patterns  are 
computed.  Rigorously,  the  “active”  element  pattern  and  “active”  reflection 
coefficient  techniques  are  only  valid  for  infinite  periodic  arrays.  However,  these 
methods  are  used  here  as  an  ^proximation  so  that  the  effects  of  the  mutual 


coupling  and  the  finite  size  of  the  array  can  be  studied, 
y*  9 


III. 


Fig.  9:  Bottom  view  of  array;  element  connector  numbering  system 
Results  and  Discussions 


A.  Radiation  characteristics 

Due  to  the  limitations  of  the  anechoic  chamber,  the  pattern  and  gain 
measurements  are  taken  for  frequencies  between  2.6  GHz  and  5.8  GHz.  Element 
patterns  for  the  frequencies  below  2.6  GHz  may  be  estimated  from  the  “active” 
reflection  coefficient  computed  from  mutual  coupling  measurements.  This  is 
based  on  the  assumption,  although  not  rigorous  for  a  finite  array,  that  there  is 
direct  one-to-one  relationship  between  the  magnitude  of  the  “active”  reflection 
coefficient  and  the  “active”  element  pattern  [9] ,  [  1 0] . 

Figs.  10-11  show  the  H-  and  E-plane  co-polarized  patterns  of  “SV”  at  2.8 
and  4.8  GHz,  and  their  associated  cross  polarization.  The  maviTTnim  gain  of  each 
pattern  is  also  shown  in  the  figures.  The  H-plane  patterns  are  taken  with  element 
“542”  while  the  E-plane  patterns  are  taken  with  element  “451”.  Notwithstanding 
the  ripples  in  the  patterns,  the  “active”  element  has  wide  beamwidth  in  both  the 
H-  and  E-planes.  Typically,  the  ripples  vary  slower  at  lower  frequencies  than  at 
higher  frequencies  indicating  that  they  may  be  finite  array  effects  although  a 
simple  relationship  between  the  size  of  the  array  and  the  ripples  at  all  frequencies 
is  not  found. 


The  cross-polarization  levels  in  both  planes  and  at  all  the  frequencies  are 
no  worse  than  -14.7  dB.  This  could  be  better  if  the  orthogonal  PC  boards  are 
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assembled  with  tighter  tolerance.  Results  from  “CV”  are  very  similar  and 
therefore  not  shown  here.  Furthermore,  the  effects  of  plated-through  vias,  placed 
along  the  contour  of  the  exponentially  tapered  slotline  of  “CV”,  are  not  obvious  in 
the  element  patterns  of  these  small  arrays. 

Element  patterns  are  also  taken  in  the  D-plane.  In  this  case,  the  transmitter 
horn  is  fixed  at  (])=  45°  while  “SV”  is  scanning  in  the  <j)=  45°  plane.  This  is  the  co¬ 
polarized  direction  of  element  “542”.  Next,  the  transmitter  horn  is  rotated  by  90° 
to  (!>=  135°,  which  is  the  cross-polarized  direction  of  the  element.  Typical  co-  and 
cross-polarization  patterns  are  shown  in  Fig.  12.  Figs.  12a  and  b  show  the  co-  and 
cross-polarized  D-plane  patterns  at  3.6  GHz  and  5.4  GHz,  respectively.  The 
ripples  of  the  D-plane  patterns  are  more  severe  than  those  of  the  cardinal  plane 
scans  at  comparable  frequencies.  However,  as  frequency  increase,  the  ripples  tend 
to  smooth  out.  The  cross-polarization  levels  in  the  D-plane  scan,  in  general,  are 
also  higher  than  those  of  the  cardinal  plane  scans.  The  cross-polarization  level 
remains  relatively  good  up  to  beam  angles  of  about  0  =  30°  and  increases  beyond 
that.  Cross-polarization  levels  for  these  measurements  reach  a  maximum  at 
aroimd  9  =  60°.  It  was  shown  in  [4]  that  TSA  arrays  are  linearly  polarized  in  their 
principal  planes,  but  they  become  elliptically  polarized  in  the  intercardinal  planes. 
This  contributes  to  the  higher  cross-polarization  levels  in  the  D-plane. 

The  “active”  element  gain  at  a  specified  scan  angle,  versus  frequency  (2.6 
GHz  -  5.8  GHz)  was  also  measured  in  the  anechoic  chamber  for  “SV”  and  “CV”. 
801  frequency  points  were  taken  in  each  standard  waveguide  horn  band.  The 
results  are  compared  with  those  computed  from  measured  coupling  coefficients 
(see  next  section)  and  from  the  infinite  array  theory  using 

G°  ((t), 0)  =  —  (1-  I  (i 0)  |2  ) cos  0  .  (1) 

where  A  is  the  area  of  a  unit  cell  and  T^  is  the  “active”  reflection  coefficient.  Figs. 
13  and  14  show  the  plots  for  “SV”  at  broadside  and  0  =  50°  in  E-plane.  The 
results  for  “CV”  are  very  similar  and  are  not  shown.  The  gap  between  3.8  GHz 
and  4.0  GHz  is  because  the  standard  gain  horn  information  is  not  available  at 
those  frequencies. 

Generally,  the  agreement  with  all  three  methods  for  broadside  and  E-plane 
scan  is  reasonable.  However,  in  H-plane  scan,  0  =  50°  (see  Fig.  15),  the 
agreement  is  not  as  good.  Where  H-plane  scan  anomalies  are  predicted  between 
4.0  and  5.3  GHz  for  “SV”,  the  measured  gain  has  large  swings.  Comparatively, 
the  results  for  E-plane  (see  Fig.  14)  do  not  vary  as  much  in  the  same  frequency 
band. 


Finally,  the  measured  element  gain  of  “SV”  and  “CV”  for  H-plane  scan,  0 
=  50°,  are  compared  in  Fig.  16  to  observe  the  effects  of  vias  that  are  placed  along 
the  contour  of  the  tapered  slotline.  The  gain-frequency  plots  of  the  two  arrays 
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show  the  same  trend.  However,  at  frequencies  between  4.0  and  5.0  GHz,  where 
anomalies  in  “S V”  are  expected,  the  vias  of  “CV”  seem  to  smooth  out  the  large 
fluctuations.  This  indicates  that  the  vias  placed  along  the  contour  of  the  array 
element  improve  the  performance  of  the  array  at  those  frequencies  where 
abnormal  results  are  expected. 


(a) 

o» 


(b) 

Fig.  10:  Measured  pattern  and  gain  (in  dBi)  of  center  elements,  freq  =  2.8  GHz: 
(a)  H-plane  scan  of  element  “542”,  (b)  E-plane  scan  of  element  “451”. 
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Mutual  Coupling  measurements  and  analysis 


The  coupling  coefficients  C„  between  a  selected  center  element,  element 
“542”  in  this  case,  and  all  of  the  other  elements  in  the  array  were  measured  with  a 
vector  network  analyzer.  Denoting  the  center  element  “542”  by  the  index  m  =  0 
and  numbering  all  other  elements  consecutively,  an  approximation  to  the  “active” 
reflection  coefficient  can  be  computed  by  evaluating 

M 


jkXn,  cos(t)sin9  jkyn^sin<|)sin0 


(2) 


m=0 


where  M  is  the  total  number  of  elements  in  the  array,  is  the  complex  coupling 
coefficient  between  element  “542”  and  m*  element  in  the  array,  and  x„  and  y„  are 
the  coordinates  of  the  m*  element  relative  to  element  “542”.  Co  is  the  reflection 
coefficient  of  the  0”'  element  when  all  other  elements  are  terminated  in  50  Q 
loads.  The  rest  of  the  variables  are  defined  in  the  usual  manner. 


VSWR  is  computed  from  the  “active”  reflection  coefficient,  T^.  Fig.  17 
shows  the  VSWR  of  “SV”  and  “CV”  at  broadside  beam  angle.  In  Fig.  17,  the 
expected  VSWR  of  an  “active”  element  in  an  infinite  array  environment  is  also 
shown.  The  agreement  between  the  infinite  array  results  and  the  measured  results 
is  poor.  This  may  be  due  to  the  finite  array  effect.  On  closer  examination,  one 
side  of  the  array  measures  about  21.6  cm.  At  the  lowest  frequency  of  1  GHz,  each 
side  of  the  array  is  only  Therefore,  the  center  element  of  the  array  is  not 

expected  to  perform  as  if  it  is  in  an  infinite  array  environment.  Another  indication 
of  the  finite  array  effect  is  the  two  peaks  (at  about  2.0  and  3.4  GHz)  seen  in  the 
VSWR  plots  in  Fig.  17.  The  two  peaks  are  approximately  about  1.4  GHz  apart, 
which  translates  to  a  wavelength  of  about  21.4  cm  which  is  in  close  agreement 
with  the  length  of  one  side  of  the  array. 

Another  experiment  was  carried  out  to  investigate  the  effects  of  the  finite 
array.  When  computing  the  “active”  reflection  coefficient  T^  (Eqn.  2)  at  broadside 
scan  angle  for  “SV”,  the  coupling  coefficients  due  to  elements  in  the  outer-most 
rings  were  excluded.  In  the  first  case,  one  ring  of  elements  was  removed,  and  in 
the  second,  two  rings  were  removed.  The  corresponding  VSWR  are  shown  in  Fig. 
18.  The  results  obtained  from  the  full  8x9  array  are  also  shown  for  comparison. 
At  frequencies  from  1.0  -  5.0  GHz,  the  VSWR  plots  differ  significantly. 
However,  at  frequencies  above  5.3  GHz,  all  the  three  cases  agree  quite  well.  This 
indicates  that  the  center  element  starts  to  perform  as  if  it  is  in  an  infinite  array 
environment  only  at  frequencies  where  the  size  of  the  array  is  about  This  is 
consistent  with  measured  results  from  a  10x10  single-polarized  TSA  array  [11]. 
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Fig.  17:  VSWR  of  “active”  element  computed  using  measured  coupling 
coefficients  C„  and  VSWR  expected  in  an  infinite  array  environment:  broadside 

scan. 


Fig.  18:  Effects  on  VSWR  when  rings  of  elements  are  removed. 

Next,  the  mutual  coupling  characteristics  between  the  center  element  and 
every  other  element  of  the  “SV”  array  are  investigated.  Figs.  19  and  20  show  the 
magnitude  of  coupling  coefficients  between  “542”  and  the  y-directed  elements 
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(i.e.  co-polarized  elements  with  respect  to  “542”)  of  the  central  column  and  row  of 
the  array  respectively.  Figs.  21  and  22  show  the  magnitude  of  coupling 
coefficients  between  “542”  and  the  x-directed  elements  (i.e.  cross-polarized 
elements  with  respect  to  “542”)  of  the  central  column  and  row  of  the  array 
respectively.  |S,]|  is  used  for  self-coupling  terms,  i.e.  the  “542”  -  “542”  term. 
Note  that  the  contour  plots  in  Fig.  19  are  quite  similar  to  Fig.  20.  Comparing  Figs 
21  and  22  yields  similar  results.  This  indicates  that  the  coupling  mechanism  is 
dependent  on  the  how  the  element  is  oriented  with  respect  to  another,  and  also  a 
function  of  distance. 

For  mutual  coupling  between  co-polarized  elements  in  the  same  column 
(see  Fig.  19),  coupling  coefficients  remain  somewhat  constant  for  elements  near 
to  element  “542”  at  all  frequencies  while  mutual  coupling  drops  off  more  rapidly 
at  higher  frequencies  for  outer  elements.  Coupling  between  co-polarized  elements 
that  are  in  the  same  row  remains  relatively  strong  for  elements  adjacent  to  “542” 
but  decay  more  rapidly  for  other  elements  when  compared  to  similarly  located  co- 
polarized  elements  in  the  same  column  as  “542”  (see  Fig.  20).  For  mutual 
coupling  between  cross-polarized  elements,  except  for  the  deep  null  in  Figs.  21 
and  22  at  about  1.5  GHz,  there  is  a  tendency  for  the  coupling  coefficients  to 
diminish  faster  with  respect  to  distance  as  frequency  increases.  This  is  expected 
since  the  array  is  electrically  larger  at  higher  frequencies  and  distances  are  greater 
with  respect  to  the  wavelength. 

Next,  the  coupling  coefficients  between  “542”  and  all  the  other  elements 
are  plotted  for  1 .2  GHz,  3.0  GHz  and  4.8  GHz  in  Figs.  23, 24  and  25,  respectively. 
Since  element  “542”  is  not  exactly  in  the  center  of  the  array,  some  contour  plots 
are  slightly  asymmetric.  Part  (a)  of  each  figure  shows  magnitude  of  coupling 
coefficients  with  the  y-directed  elements  while  part  (b)  shows  the  same  with  the 
x-directed  elements.  These  figures  show  the  rate  at  which  the  magnitude  of  the 
coupling  coefficients  decays  with  respect  to  distance  at  the  said  frequencies. 

Fig.  23a  shows  the  mutual  coupling  from  co-polarized  elements  at  1.2 
GHz.  Below  2.0  GHz,  coupling  from  co-polarized  elements  looks  similar  to  that 
of  Fig.  23a  where  the  coupling  decays  slower  in  the  principal  planes.  Figs.  24a 
and  25a  show  the  plots  for  3.0  and  4.8  GHz.  These  plots  are  typical  mutual 
coupling  plots  between  co-polarized  elements  above  2.0  GHz.  Note  that  the  rate 
of  decay  in  all  direction  is  lower  at  3.0  GHz  than  at  4.8  GHz.  This  indicates  that 
mutual  coupling  from  outer  elements  at  the  edge  of  the  array  is  more  important  at 
lower  frequencies  than  at  higher  frequencies.  Also,  in  the  D-plane,  the  rate  of 
decay  is  lower  when  compared  to  the  same  at  frequencies  below  2.0  GHz. 
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Fig.  19:  Magnitude  of  coupling  coefficient  between ‘‘542”  and  y-directed 
elements  “512”,  “522”  “532”,  “542”  :(|S„[  Is  used),  “552”  “562”  “572”  and 
“582”of“SV”  Contour  intervals  are  5  dB. 
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Fig.  20:  Magnitude  of  coupling  coefficient  between  “542”  and  y-directed 
elements  “142”,  “242”,  “342”,  “442”  “542”  (|Sni  is  used),  “642”,  “742”,  “842’ 
and  “942”  of  “SV”.  Contour  inten^als  are  5  dB. 
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Fig.  21 :  Magnitude  of  coupling  coefficient  between  ''''542’’  and  x-directed 
elements  “511”,  “521”,  “531”,  “541”  “551”,  “561”,  “571”,  “581”  and  “591”  of 
,  “S V”.  Contour  intervais  are  5  dB. 
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Fig.  23:  Magnitude  of  coupling  coefficient  between  element  “542”  and 
(a)  all  y-directed  elements,  (b)  all  x-directed  elements  at  1.2  GHz. 
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Fig.  24:  Magnitude  of  coupling  coefficient  between  element  “542”  and 
(a)  all  y-directed  elements,  (b)  all  x-directed  elements  at  3.0  GHz. 
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To  investigate  the  effects  of  mutual  coupling  from  co-  and  cross-polarized 
elements  on  element  “542”,  the  self-coupling  term  is  excluded  from  Eqn  (2),  and 
the  coupling  coefficients  from  co-  and  cross-polarized  elements  are  summed  up 
separately.  In  this  manner,  mutual  coupling  effects  of  co-  and  cross-polarized 
elements  can  be  observed  separately.  This  is  shown  in  Fig.  26  for  broadside  beam 
angle  for  “CV”.  Note  that  the  cumulative  contribution  from  cross-polarized 
elements  is  small  compared  to  that  from  co-polarized  elements.  This  is  due  to 
pair-wise  cancellation  of  the  cross-polarized  element  coupling,  as  illustrated  in 
Fig.  27.  For  example,  it  indicates  that  the  phases  of  the  coupling  from  “542” 
to“54r’  and  “551”,  respectively,  are  opposite.  Similarly,  other  pairs  like  “441”- 
“451”  and  “461  ”-“561”  also  have  opposite  phase.  When  summed  in  Eqn  (2)  with 
0  =  0°  (broadside),  these  terms  cancel  pair-wise. 

For  scaiming  in  the  H-plane,  the  two  exponential  terms  of  Eqn  (2)  are 
identical  for  elements  “541”  and  “551”,  so  the  net  contribution  from  this  pair  is 
zero.  Similarly,  pairs  of  elements  taken  symmetric  about  row  4  in  Fig.  9  will 
cancel  for  H-plane  scanning.  Note  that  the  exclusion  of  the  S,,  term  causes  the 
coupling  coefficient  to  sum  to  more  than  unity  near  1.5  GHz  in  Fig.  28.  For 
scanning  in  the  E-plane,  pair-wise  cancellation  occurs  for  elements  symmetric 
about  the  column  of  elements  that  has  element  “542”.  Comparing  Figs.  28  and 
29,  cross-polarization  level  is  slightly  higher  for  H-plane  scan.  This  is  because 
the  are  no  elements  to  cancel  the  contributions  from  the  row  of  cross-polarized 
elements  containing  “491”  (see  Fig.  9).  Eliminating  contributions  from  elements 
“191”  through  “891”  in  the  summation  in  Eqn  (2)  yields  the  lower  value  in  Fig. 
28  at  most  frequencies. 

In  other  scan  planes,  the  coupling  between  cross-polarized  elements  do  not 
cancel  and  therefore  mutual  coupling  is  higher.  For  example,  compared  to  the 
cardinal  scan  plane,  the  contribution  from  cross-polarized  elements  is  higher  for  0 
=  30°  in  the  D-plane  (see  Fig.  30),  although  contributions  from  co-polarized 
elements  are  still  higher  at  most  frequencies.  Also,  contributions  from  co- 
polarized  elements  are  higher  at  a  larger  scan  angle  in  the  D-plane.  This  may 
contribute  to  higher  cross-polarization  at  large  angles  off  broadside  for  D-plane 
scans  as  shown  in  Fig.  12.  The  above  observations  suggest  that  mutual  coupling 
from  co-polarized  elements  has  a  greater  effect  on  the  performance  of  the  TSA 
array  than  mutual  coupling  from  cross-polarized  elements. 

The  above  results  support  Hemmi’s  [12]  observation  that  mutual  coupling 
from  cross-polarized  elements  is  insignificant  in  the  H-plane.  Therefore,  it  is 
possible  to  use  waveguide  simulators  as  a  first-cut  tool  to  validate  dual-polarized 
TSA  array  designs. 
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Fig.  26;  Comparing  mutual  coupling  contribution  from  co-  and  cross-polarized 
elements  to  element  “542”  at  broadside  beam  angle. 
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Fig  27:  Symmetry  of  coupling  between  “542”  and  cross-polarized  elements 


Fig.  28:  Comparing  mutual  coupling  contribution  from  co-  and  cross-polarized 
elements  to  element  “542”,  H-plane  scan,  0=  30°. 


Fig.  29:  Comparing  mutual  coupling  contribution  from  co-  and  cross-polarized 


elements  to  element  “542”,  E-plane  scan,  9=  30°. 
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Fig.  30:  Comparing  mutual  coupling  contribution  Ifrom  co-  and  cross- 
polarized  elements  to  element  “542”,  (d)  D-plane,  0  =  30°. 
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Fig.  31 :  Phase  of  coupling  coefficient  of  element  “451”  and  “542”, 
Comparison  between  “SV”  and  “CV”. 

The  phase  of  the  mutual  coupling  may  be  also  an  important  factor  in 
determining  the  performance  of  the  array.  Specifically,  the  phase  may  be  more 
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sensitive  to  phenomena  like  scan  anomalies  and  element  resonances.  The  phase 
of  the  coupling  coefficients  between  “45r’-“542”,  “542”-“552”  and  “442”-“642” 
of  “SV”  and  “CV”  are  shovra  in  Figs.  31,  32  and  33  respectively.  Since  the  pairs 
of  elements  are  selected  to  be  the  same  for  both  arrays,  the  agreement  between 
phase  of  the  two  arrays  is  quite  good,  as  expected. 

However,  looking  at  Figs  31  -  33  collectively,  there  are  small  differences 
between  “SV”  and  “CV”  and  some  are  highlighted.  The  phase  of  “CV”  is  mostly 
well  behaved  while  that  of  “SV”  has  anomalies  at  the  frequencies  between  4.3 
GHz  and  5.8  GHz.  In  most  cases,  the  occurrence  of  this  anomalous  phase 
behavior  can  be  associated  with  the  occurrence  of  the  H-plane  scan  anomalies  an 
infinite  array  version  of  “SV”  (see  Fig.  6).  Therefore,  the  phase  information  may 
be  a  key  factor  in  identifying  the  anomalies.  Furthermore,  since  the  only 
difference  between  the  “SV”  and  “CV”  is  the  placement  of  the  plated-through 
vias,  the  vias  placed  along  the  contour  of  the  exponentially  tapered  slotline  seem 
to  reduce  the  anomalous  effects  and  effectively  control  the  H-plane  scan 
anomalies.  This  was  also  observed  when  the  gain  versus  frequency  was  analyzed 
in  above  section. 


Fig.  32:  Phase  of  coupling  coefficient  of  element  “542”  and  “552”, 
Comparison  between  “SV”  and  “CV”. 


Another  interesting  observation  is  that  at  about  5.8  GHz,  where  there  is  an 
H-plane  scan  anomaly  in  “CV”,  the  phase  of  the  coupling  coefficient  deviates 
from  the  expected  locus.  For  both  “SV”  and  “CV”,  where  there  are  grating  lobes 
and  anomalies  at  frequencies  greater  than  6.3  GHz,  some  abnormal  phase 
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behavior  is  observed.  This  indicates  that  scan  anomalies  and/or  grating  lobes 
affect  the  phase  of  the  coupling  coefficients  and,  therefore,  may  be  identified  by 
observing  the  phase  of  the  coupling  coefficients  between  selected  elements. 


Fig.  33:  Phase  of  coupling  coefficient  of  element  “442”  and  “642”, 
Comparison  between  “SV”  and  “C  V”. 


IV.  Summary 

Two  small  8x9  dual-polarized  arrays  were  designed,  fabricated  and  tested. 
An  important  feature  is  the  use  of  plated-through  vias  to  connect  the  ground 
planes  of  the  stripline  near  the  edge  of  the  array  element.  In  this  way,  when  the 
array  is  assembled,  the  soldering  process  is  easier  and  good  electrical  contact 
between  the  ground  planes  of  orthogonal  elements  in  the  array  is  achieved.  It  was 
also  discovered  that  by  placing  the  plated-through  vias  along  the  contour  of  the 
tapered  slotline  and  along  the  circumference  of  the  circular  slot  cavity,  most  of  the 
H-plane  impedance  anomalies  are  eliminated.  A  design  with  5.8:1  bandwidth, 
scanning  up  to  9  =  50°  in  all  scan  planes,  is  achieved  with  such  an  arrangement. 
However,  measurements  on  the  two  arrays  showed  that  the  finite  array  effects  are 
severe  for  the  8x9  array.  As  expected,  the  effects  are  more  severe  at  lower 
frequencies.  Measured  results  suggest  that  an  array  must  be  at  least  in 
dimension  for  the  center  element  of  the  array  to  see  a  large  array  environment. 
The  TSA  “active”  element  patterns  of  center  elements  have  a  wide  beamwidth  and 
exhibit  cross-polarization  characteristics  predicted  by  previous  workers.  The 
gain-versus-frequency  measurements  follow  the  trend  of  the  theoretical  results. 
The  coupling  coefficients  between  selected  elements  were  measured  and  it  was 
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found  that  the  cvimulative  mutual  coupling  contribution  from  co-polarized 
elements  is  more  significant  than  that  from  cross-polarized  elements.  Several  H- 
plane  scan  anomalies  and  element  resonances  have  also  been  identified  by  looking 
at  the  phase  of  coupling  coefficients. 
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ULTRA-BROADBAND  PHASED-ARRAY  ANTENNA 


W.R.  Pickles  and  M.  Kragalott 
U.S.  Naval  Research  Laboratory 
Washington,  D.C.  20375 

Abstract:  An  ultra-broad  band  array  suitable  for  Phased-Array  applications  is 
described.  The  array  design  presented  here  maintains  a  VSWR  less  than  2:1 
from  boresight  out  to  scan  angles  of  50  degrees  in  both  the  E  and  H  planes 
over  a  five  to  one  bandwidth.  The  important  features  of  this  design 
responsible  for  the  wide  bandwidth  are  the  stripline  to  notch  transition,  the 
notch  taper,  and  the  beneficial  effects  of  mutual  coupling  between  elements. 
Radiation  patterns  and  impedance  data  for  broadside  and  scanned 
configurations  are  shown  for  one  polarization.  Additionally,  preliminaiy 
results  of  extending  the  design  to  two  polarizations  are  given.  Details  of  the 
design  are  presented. 


1.0  Introduction 

It  is  the  goal  of  a  continuing  effort  at  the  Naval  Research  Laboratory  to  design  a 
planar  phased  array  with  a  VSWR  of  less  than  2:1  over  a  five  to  one  bandwidth 
which  is  capable  of  scanning  to  50  degrees  in  both  the  E  and  H  planes. 

A  singly  polarized  array  meeting  these  specifications  has  been  realized  and  is  the 
subject  of  this  paper.  The  flared  notch  design  shown  in  Fig.  1 .  was  chosen  because 
of  previous  experience  by  this  author[l]  and  others[2]  indicating  that  it  had  excellent 
wide  band  behavior.  Previous  experience  and  Finite  Difference  Time  Domain 
(FDTD)  analysis  showed  that  ultra  wide  band  flared  notch  elements  must  be  studied 
in  an  array  environment  because  their  behavior  is  markedly  different  than  when 
studied  individually.  Printed  stripline  circuit  techniques  were  used  to  simplify  the 
construction  of  many  identical  elements  and  their  feed  networks.  Teflon-fiberglass 
with  a  relative  dielectric  constant  of  2.22  and  a  loss  tangent  of  0.00012  was  used. 
The  element  spacing  in  the  E  and  H  planes  was  made  the  same  with  a  view  to 
making  a  dual  polarized  array  with  identical  characteristics  for  each  polarization. 

The  array  was  designed  using  FDTD  analysis,  and  the  highlights  of  that  analysis  will 
be  given  here.  The  FDTD  analysis  predicted  that  impedance  matching  of  the  flared 


310 


notch  element  is  helped  by  mutual  coupling  and  gave  some  insight  into  the 
mechanism.  Experimental  data  corroborating  the  FDTD  calculated  impedance 
match  will  be  given  along  with  radiation  patterns. 

2.0  Double  Y  Transition 

Initially  we  tried  a  Marchand-like  stripline  to  slotline  transition  as  shown  in  Fig.  2, 
but  we  were  unable  to  obtain  a  low  VSWR  within  the  space  limitations  imposed  by 
the  array.  As  an  alternate  we  tried  a  double  Y  transition.  It  was  initially  proposed 
as  a  microstrip  to  slotline  transition[3]  but  we  adapted  it  to  stripline. 

The  double  Y  transition  consists  of  collinear  stripline  and  slotline  feeds  as  shown  in 
Fig.  3.  Each  feed  line  is  terminated  by  an  open  circuit  stub  and  a  short  circuit  stub. 
All  four  stubs  are  designed  to  have  the  same  electrical  length  where  P  is  the 
propagation  constant  and  I  is  the  physical  length .  The  equivalent  circuit[4]  of  an 
idealized  double  Y  transition  is  shown  in  Fig.  4(a).  Stripline  propagates  a  TEM 
mode  so  the  idealized  model  is  satisfactory  for  it.  However,  the  slotline  is  more 
complicated.  Even  when  analyzed  with  uniform  conductors,  slotline  radiates  and  is 
dispersive.  The  proximity  of  matching  structures  and  adjacent  elements  aggravates 
these  effects.  Therefore,  deviation  from  the  model  of  Fig.  4(a)  is  to  be  expected. 

The  effects  of  a  mismatch  between  the  stripline  characteristic  impedance,  and  the 
slotline  characteristic  impedance,  and  the  electrical  length  p/  on  VSWR  at  the 
stipline  port  is  shown  in  Fig.  4(b).  It  can  be  seen  that  there  is  a  resonance  at  p^  = 

45  °  and  that  the  resonance  gets  wider  for  larger  mismatches*.  Very  short  stub 
lengths  would  put  the  stub  ends  in  the  region  where  the  fields  are  disturbed  by  the  Y 
junctions.  In  addition  there  is  a  gentle  dip  in  the  VSWR  between  zero  length  and  p/ 
=  45°.  We  chose  a  length  of  p/  =  22°  at  5  GHz  to  maximize  space  for  the  cavity. 

The  cavity  approximated  an  open  circuit  which,  strictly,  cannot  be  constructed  in 
slotline.  Fig.  5  shows  the  results  of  FDTD  analysis  for  different  size  cavities. 
Hexagonal  cavities  were  used  as  an  approximation  of  round  cavities.  The  VSWR  of 
the  double  Y  transition  must  be  very  low  so  that  the  overall  VSWR  does  not  exceed 
2:1.  The  hexagonal  cavity  which  gives  such  a  low  VSWR  is  too  big  for  the  available 
space.  However,  FDTD  analysis  showed  that  an  elongated  cavity  would  fit  in  the 
available  space.  The  response  of  this  cavity  is  close  to  that  of  the  largest  hexagonal 
cavity,  as  shown  in  Fig.  5. 


*  A  resonance  should  occur  for  Zg  =  because  any  two  consecutive 
impedance  in  the  bridge  cancel,  but  it  did  not  show  up  in  simulations. 
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3.0  Element  Size 


An  inter-element  spacing  of  one  half  wavelength  at  5  GHz  (Ah/2)  was  chosen  to 
avoid  grating  lobes  in  the  scanned  patterns.  The  initial  FDTD  analysis  was 
performed  on  a  linear  array  of  seven  elements  in  the  E-plane  with  an  element 
aperture  size  of  Ah/2.  Starting  with  a  flare  length  of  one  half  wavelength  at  5  GHZ 
(Ah/2)  the  element  flare  length  was  increased  until  an  acceptable  VSWR  was 
obtained.  This  occurred  for  an  element  length  of  2  1/4  Ah.  Further  increases  in 
element  length  had  minimal  impact.  Three  representative  curves  of  this  study  are 
shown  in  Fig.  6.  An  array  with  a  flare  length  of  1  1/8  Ah,  eight  elements  wide  in  the 
E-plane,  and  four  elements  wide  in  the  H-plane  was  built  and  tested.  The  array  is 
shown  in  Fig.  7(a)  and  its  VSWR  is  shown  in  Fig.  7(b).  The  measured  VSWR  is 
better  than  the  1.0  Ah  flare  length  results  in  Fig.  6,  but  considerably  worse  than  both 
the  FDTD  analysis  and  measured  data  for  2  1/4  Ah  long  elements,  as  expected. 

4.0  Mutual  Coupling 

Mutual  coupling  between  elements  can  be  studied  using  FDTD  by  analyzing  the 
currents  which  flow  in  each  element.  The  seven  element  hypothetical  array  was 
excited  with  a  pulse  having  significant  energy  from  0.75  GHz  to  5.25  GHz.  Fig. 

8(a)  shows  the  time  domain  currents  induced  at  element  4  due  to  self  coupling  and 
mutual  coupUng  from  elements  3  and  2  (The  small  contribution  from  element  1  was 
omitted  so  as  not  to  clutter  the  graph.)  The  self  coupling  current  in  the  first 
nanosecond  comes  from  the  excitation.  The  self-coupled  current  in  the  2  to  3 
nanosecond  period  is  large,  indicating  that  the  element  is  poorly  matched.  However 
the  mutually  coupled  current  from  element  3  is  opposite  in  phase  and  nearly  half  the 
amplitude  of  this  current.  The  mutually  coupled  current  from  element  5  is  the  same 
as  from  element  3  so  when  all  three  are  combined,  the  remaining  current  on  element 
4  is  significantly  reduced.  When  the  coupled  currents  from  elements  2  and  6  and  1 
and  7  are  added,  the  delayed  current  on  element  4  is  reduced  even  more.  Increasing 
the  size  of  the  array  to  9,  1 1,  or  13  causes  a  small  low  frequency  improvement. 
However,  elements  more  than  6  positions  away  from  a  given  element  have  a 
negligible  effect  on  impedance  match. 

Fig.  8(b)  shows  the  currents  on  element  1  caused  by  self  coupling  and  mutual 
coupling  from  element  2.  Edge  elements  such  as  element  1  do  not  get  as  much 
cancellation  as  central  elements,  so  they  have  a  higher  active  VSWR. 
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5.0  Comparison  of  Theoretical  and  Measured  VSWR 

Calculations  of  the  planar  array  VSWR  at  broadside,  50°  H-plane,  and  50°  E-plane 
scans  were  performed  with  waveguide  simulators.  The  broadside  scan 
configuration,  shown  in  Fig.  9(a)  used  a  single  element  in  a  square  waveguide  with 
electric  walls  oriented  in  the  H-plane  and  magnetic  walls  oriented  in  the  E-plane. 

This  configuration  simulates  an  array  which  is  infinite  in  both  directions.  The  H- 
plane  scan  VSWR  was  calculated  by  modeling  a  five  element  linear  H-plane  array, 
scanned  in  the  H-plane,  and  positioned  in  parallel  plate  electric  wall  waveguide  as 
shown  in  Fig.  9(b).  Finally  the  E-plane  scan  VSWR  was  calculated  using  a  7 
element  E-plane  array,  scanned  in  the  E-plane,  and  placed  in  a  parallel  plate 
magnetic  wall  waveguide  as  shown  in  Fig  9(c).  In  all  three  cases  the  distance 
between  the  walls  is  the  same  as  the  element  spacing  and  the  element(s)  are  centered 
in  between. 

The  array  shown  in  Fig  10  was  experimentally  constructed  to  verify  the  results  of 
the  FDTD  analysis.  It  is  ten  elements  wide  in  the  E-plane  and  eight  elements  wide  in 
the  H-plane.  The  top  and  bottom  elements  in  each  E-plane  column  are  terminated  in 
50  ohm  loads  so  the  active  part  of  the  array  is  eight  elements  by  eight  elements.  In 
view  of  the  above  discussion  on  mutual  coupling  it  would  have  been  better  to  drive 
the  outside  elements  and  ignore  their  contributions  to  VSWR,  but  that  would  have 
been  complicated.  However,  one  can  expect  that  in  a  larger  array  the  impedance 
match  would  be  slightly  better  than  the  results  given  below  for  an  eight  element  by 
eight  element  array. 

Before  the  results  of  the  VSWR  comparison  are  given,  a  brief  discussion  is  included 
here  on  the  construction  of  the  array.  The  back  edge  of  each  E-plane  column  array 
mates  directly  with  the  power  divider  or  with  a  50  degree  scan  time  delay 
network/power  divider  network  combination  as  shown  in  Fig.  11.  The  back  edge 
of  the  antenna,  both  edges  of  the  time  delay  network  and  the  power  divider  have 
keyed  serrations  so  that  the  delay  network  cannot  be  installed  backwards.  The 
serration  pattern  on  the  front  edge  of  the  delay  network  matches  that  on  the  power 
divider  and  the  serration  pattern  on  the  back  edge  matches  that  on  the  array  so  that 
the  delay  network  can  be  inserted  or  removed.  The  serration  pattern  on  the  top 
circuit  boards  is  staggered  from  the  bottom  pattern  so  that  metal  traces  on  the  top 
circuit  cards  can  make  electrical  contact  between  traces  that  abut  one  another  on  the 
bottom  circuit  boards.  Finally,  to  complete  electrical  contact  between  outside 
ground  planes,  aluminum  strips  are  clamped  across  the  adjoining  power  divider, 
delay  network  and  antenna  edges.  One  such  strip  is  shown  in  Fig.  10  with  the 
clamping  standoffs  protruding  from  it.  The  clamping  standoffs  provide  the  added 
benefit  of  precisely  positioning  adjacent  E-plane  columns  of  the  array. 
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Fig.  12  shows  comparison  plots  of  the  calculated  VSWR  for  broadside,  and  50° 
scans  in  the  E  and  H  planes.  The  agreement  between  calculated  and  measured 
VSWR  for  this  array  is  very  satisfactory.  The  largest  discrepancy  between 
calculated  and  measured  data  is  for  the  E-plane  scan  configuration.  Both  calculated 
and  measured  data  also  show  the  worst  performance  for  E-plane  scan  data.  This  is 
probably  because  E-plane  scanning  disrupts  the  beneficial  effects  of  mutual  coupling 
discussed  earlier. 

6.0  Radiation  Patterns 

Radiation  patterns  and  gain  measurements  of  the  antenna  shown  in  Fig  10  were 
made  for  a  number  of  configurations:  broadside,  50  degree  E-plane  scan,  and  50 
degree  H-plane  scan.  Broadside  E-plane  and  H-plane  patterns  are  shown  in  Figs. 
13(a)  and  13(b)  for  representative  frequencies  and  their  features  are  summarized  in 
Table  1 .  The  beamwidth  in  both  planes  decreases  with  fi'equency  as  expected  - 
roughly  halving  as  the  frequency  doubles.  The  gain  is  more  problematic.  When  the 
fi'equency  doubles  the  gain  should  increase  by  6  dB.  This  only  occurs  in  the  middle 
of  the  band  for  both  E  and  H  plane  patterns.  Furthermore  the  gain  falls  off  badly  for 
both  polarizations  at  5  GHz.  Measurements  of  the  power  distribution  network  show 
about  1  dB  loss  at  1  GHZ  and  2  dB  loss  at  5  GHZ  and  the  patterns  do  not  show  any 
serious  anomalies.  We  are  continuing  to  investigate  these  discrepancies. 


1 

'able  1 .  Summery  of  Broadside  Patterns 

E-P 
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H-Plane 

freq 

BW(deg) 

GainfdB) 

BW(deg) 

GainfdB) 

1.0 

66.5 

9.1 

56.0 

8.3 

1.5 

40.0 

11.7 

36.8 

12.2 

2.0 

29.2 

12.3 

27.8 

12.6 

2.5 

23.8 

15.2 

22.8 

14.9 

3.0 

20.1 

12.4 

16.9 

13.0 

3.5 

18.6 

18.9 

16.5 

18.9 

4.0 

15.8 

19.7 

14.2 

19.4 

4.5 

14.0 

20.0 

12.7 

16.5 

5.0 

12.3 

15.8 

10.8 

14.6 

The  patterns  for  the  50  degree  E-  and  H-  plane  scans  are  shown  in  Figs.  14(a)  and 
14(b)  for  representative  frequencies  and  their  characteristics  are  summarized  in 
Table  2.  These  patterns  show  more  variation  than  the  unscanned  patterns  and  there 
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are  several  reasons  why  this  is  to  be  expected:  First  the  aperture  width  is  nearly 
decreased  by  half  when  scanned  to  50  degrees  and  the  array  was  small  to  begin  with. 
Second,  straight  corporate  power  dividers,  not  Wilkinson  power  dividers,  were  used 
in  order  to  get  an  unobscured  measurement  of  reflections.  For  broadside  patterns 
this  would  have  little  effect,  but  for  scanned  patterns,  the  reflected  signals  inside  the 
power  divider  could  disrupt  the  radiation  pattern. 


Table  2.  Summery  of  50°  E-  and  H-  Plane 
scanned  radiation  patterns. 

E-Plane 

H-Plane 

LMBI 

1.0 

57.5 

40.2 

92.8 

56.1 

1.5 

55.0 

48.5 

35.4 

46.0 

2.0 

35.2 

49.4 

53.2 

57.4 

2.5 

30.5 

50.8 

25.3 

46.3 

3.0 

28.5 

51.4 

21.9 

47.8 

3.5 

25.8 

52.9 

22.4 

45.5 

4.0 

25.1 

52.4 

22.4 

47.8 

20.7 

54.6 

23.2 

51.0 

5.0 

20.2 

52.3 
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7.0  Dual  Polarized  Antenna 

FDTD  analysis  predicted  that  it  is  important  to  maintain  electrical  continuity 
between  elements  around  the  tips  of  the  flares.  This  was  confirmed  by  making  slits 
between  the  elements  and  increasing  their  length  until  a  change  was  observed  in  the 
VSWR.  An  increase  in  the  VSWR  began  to  occur  for  a  slit  length  of  about  one  fifth 
wavelength  at  the  upper  frequency  limit  (Ajj/S).  As  a  result  of  these  findings,  a 
simple  egg  crate  construction  of  the  dual  polarized  antenna  was  ruled  out  because  it 
would  sacrifice  the  continuity  around  the  element  tips  in  one  polarization  for  the 
sake  of  the  orthogonal  polarization.  The  dual  polarized  antenna  was  constructed  by 
cutting  slots  near  the  tips  of  the  elements  in  the  singly  polarized  array  and  running 
conducting  fingers  through  the  slots  to  contact  adjacent  elements  in  the  orthogonal 
polarization.  The  orthogonal  elements  must  be  assembled  individually  instead  of  in 
sheets,  complicating  the  construction. 


Preliminary  results  show  that  the  dual  polarized  array  has  a  bit  higher  VSWR  but 
somewhat  better  radiation  patterns  than  the  singly  polarized  array. 

8.0  Conclusion 

NRL  has  produced  a  singly  polarized  ultra-wideband  array  that  covers  a  five  to  one 
bandwidth  and  scans  to  50  degrees  in  the  E  and  H  planes.  The  VSWR  remains  less 
than  2:1  except  for  isolated  frequencies  in  the  scanned  E-plane  pattern.  Additional 
improvements  are  being  pursued  on  the  singly  polarized  array  and  more  work  is 
planned  on  the  dual  polarized  design. 

The  array  was  designed  using  FDTD  numerical  techniques.  FDTD  can  provide 
valuable  insights  into  the  behavior  of  antennas  that  cannot  be  easily  obtained  in  the 
laboratory.  However,  it  is  important  to  have  a  simultaneous  experimental  model 
effort.  The  FDTD  analysis  and  the  experimental  models  benefitted  fi-om  each  other. 
The  FDTD  analysis  made  it  much  easier  to  build  a  working  model.  On  the  other 
hand,  the  data  fi-om  the  experimental  model  was  used  to  refine  the  FDTD  analysis. 
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Figure  1 .  Basic  flared  notch  radiating  element. 
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Figure  2.  Marchand-like  stripline  to  slotline  transition. 
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Figure  3.  Double  Y  stripline  to  slotline  transition. 
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Figure  4(b)  -  VSWR  of  above  circuit  plotted  vs.  ratio  of  Zm/Zs  and  stub  electrical  length 
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VSWR 


Figure  7(a)  -  Array  used  for  1  1/8  element  length  impedance  measurements. 


Figure  7(b)  -  VSWR  of  array  with  1  1/8  Ah  long  elements 
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Figure  8  -  (a)  Time  domain  current  coupling  at  the  center  element  of  a  7  element 
linear  array  and  (b)  coupling  at  the  edge  element  of  the  array. 
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Figure  9  -  Waveguide  simulator  configurations  for  FDTD  analysis  of  broadside 
(a),  H-plane  (b),  and  E-plane(c)  scanning. 


Figure  10-8x8  element  array  used  to  verify  FDTD  impedance  calculations  and 

measure  radiation  patterns. 


Figure  1 1  -  Internal  view  of  E  -  plane  column  sub-array  showing  details  of  how 
power  divider  and  delay  network  are  joined  to  the  sub-array. 
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Figure  12(a)  -  Calculated  (dashed)  and  measured  array  VSWR:  boresight. 


Figure  12(b)  -  Calculated  (dashed)  and  measured  array  VSWR:  50°  H-plane  scan. 
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Figure  12(c)  -  Calculated  (dashed)  and  measured  array  VSWR;  50°  E-plane  scan. 
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Figure  13(a)  -  Broadside  E-plane  radiation  patterns  for  the  array  shown  in  Fig.  10. 
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Figure  13(b)  -  Broadside  H-plane  radiation  patterns  for  the  array  shown  in  Fig.  10 
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Figure  14(a)  -  50“  E-plane  scanned  radiation  patterns  for  the  array  shown  in  Fig.  10. 
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Figure  14(b)  -  50°  H-plane  scanned  radiation  patterns  for  the  array  shown  in  Fig.  10. 
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AN  AFFORDABLE  SCANNING  ARRAY  USING 
A  RADANT  LENS 


J.B.L.  Rao,  J.B.  Evins,  S.M.  Brockett,  M.  Parent,  J.  Valenzi,  D.  Wilson 
Naval  Research  Laboratory 
4555  Overlook  Avenue,  SW 
Washington,  DC  20375 

A.  A.  Moffat 

Sachs  Freeman  Associates 
1401  McCormick  Drive 
Largo,  MD  20774 

S.  Krystofik,  J.  Maciel,  V.  Philbrook,  F.  Ziolkowski 
Radant  Technologies,  Inc. 
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Stow,  MA  01775 

Abstract:  An  affordable  phased  array  for  a  ship  self-defense  experimental 
engagement  radar  is  described.  The  array  uses  a  hybrid  approach  by 
combining  a  slotted  waveguide  array  with  phase  shifters  at  each  column  to 
provide  scanning  in  the  azimuth  plane  and  a  Radant  lens  placed  in  front  of  the 
slotted  array  to  provide  independent  scanning  in  the  elevation  plane.  The 
approach  avoids  using  a  phase  shifter  or  a  T/R  module  behind  each  radiating 
element  and  simplifies  beam  steering  using  row-column  controls  which  reduce 
the  phased  array  cost.  The  production  cost  of  the  proposed  array  is  estimated 
to  be  less  than  one-third  the  cost  of  a  similar  sized  array  using  a  phase  shifter 
or  T/R  module  behind  each  radiating  element.  Recently,  a  4'x8'  Radant  lens 
was  procured  from  Radant  Technologies,  Inc.  and  placed  in  front  of  the  existing 
(modified  AN/TPQ-36)  phased  array.  This  paper  reports  on  the  results  of  this 
hybrid  array. 

1.  Introduction 

The  Phased  Array  is  one  of  the  most  versatile  type  of  antenna  used  in  radars 
aboard  Naval  ships.  Each  radiating  element  of  a  phased  array  is  normally  associated 
with  a  phase  shifter  or  a  T/R  module  where  the  element  phase  can  be  varied  through 
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360°.  The  radiating  elements  are  spaced  nominally  at  a  HI  spacing  to  avoid  grating 
lobes.  A  typical  phased  array,  -with  a  1  °  pencil  beam,  needs  an  aperture  of  at  least 
50^x50X  requiring  some  10,000  radiating  elements  and  phase  shifters.  The 
complexity  of  the  corresponding  feed  network  can  increase  rapidly  with  the  size  of 
the  phased  array.  The  phase  shifters  (or  T/R  modules)  and  control  circuitry  along 
with  the  feed  network  account  for  the  major  hardware  cost  in  a  phased  array  antenna. 
A  few  years  ago  a  study  was  made  by  NRL  on  ways  to  obtain  two-dimensional 
scanning  at  low-cost.  In  that  study,  a  hybrid  approach  of  combining  a  slotted 
waveguide  array  in  combination  with  a  Radant  lens  was  identified  as  a  low-cost 
approach  to  a  phased  array  which  can  meet  the  requirements  of  Ship  Self-Defense 
[1].  Since  then,  a  slotted  waveguide  array  was  assembled  which  was  a  modified 
version  of  a  production  series  (AN/TPQ-3  6)  built  by  Hughes  Aircraft  Company.  The 
modified  version  used  high-power  phase  shifters  and  a  monopulse  feed  network,  and 
can  phase  scan  in  the  azimuth  plane. 

In  1995  a  contract  was  awarded  to  procure  a  Radant  lens  from  Radant 
Technologies  Inc.  The  lens  was  delivered  to  NRL  in  June  1 998.  NRL  added  the  lens 
to  the  front  of  the  waveguide  slotted  array  (modified  AN/TPQ-3  6)  to  obtain  scanning 
in  the  vertical  plane.  This  paper  presents  the  experimental  results  of  this  affordable 
hybrid  phased  array.  The  sponsor  for  the  Radant  program  is  ONR  311. 

2.  Modified  AN/TPQ-36  Radar  Antenna 

The  AN/TPQ-36  antenna  consists  of  a  stack  of  vertical  slotted  waveguide 
arrays  each  with  a  phase  shifter  to  provide  azimuth  scarming.  A  TPQ-36  antenna  was 
modified  at  NRL  by  procuring  high-power  phase  shifters  and  a  high-power 
monopulse  feed  network.  A  TPQ-36  array  face  was  procured  from  Hughes  Aircraft, 
high-power  phase  shifters  were  procured  from  Raytheon  and  a  high-power 
monopulse  feed  network  was  procured  from  Westinghouse.  Figure  1  is  the  modified 
AN/TPQ-36  antenna.  NRL  performed  the  integration  and  testing  of  the  antenna. 
The  resulting  antenna  has  performed  extremely  well,  as  expected,  to  scan  the  beam 
in  the  azimuth  plane.  The  details  are  documented  in  an  NRL  report  [2]. 

3.  Radant  Lens 

As  stated  earlier,  the  modified  AN/TPQ-36  antenna  can  be  used  to  scan  the 
beam  only  in  the  azimuth  plane.  To  scan  the  beam  in  elevation,  a  Radant  lens  has 
been  procured  from  Radant  Technologies,  Inc.  The  Radant  lens  is  a  novel  antenna, 
with  a  low-cost  means  of  obtaining  two-dimensional  scanning  by  simply  retrofitting 
it  to  the  front  of  an  existing  one-dimensional  scarming  array,  like  the  waveguide 
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slotted  array. 

The  Radant  lens  reduces  many  of  the  fabrication  problems  that  increase  the 
cost  and  the  transmission  loss  associated  mth  the  conventional  implementation  of 
a  passive  phased  array  -  namely  the  discrete  element  and  its  phase  shifter.  The 
Radant  lens  eliminates  all  packaging,  connectors,  and  transmission  lines  associated 
with  the  discrete  phase  shifters.  It  also  reduces  greatly  the  number  of  control  circuits, 
drivers  and  connecting  leads. 


Figure!.  Modified  TPQ-3  6  Antenna  Kgure  2.  Radant  lens  concept 


The  basic  principle  on  which  the  Radant  lens  operates  has  been  demonstrated 
earlier  by  Radant  Technologies,  Inc.  [3]  under  a  contract  to  Rome  Laboratory.  The 
Radant  lens  concept  is  illustrated  in  Fig.  2.  The  lens  is  constructed  from  a  set  of 
parallel  conducting  plates.  In  between  each  set  of  plates  is  a  series  of  dielectric 
support  layers  on  which  are  two  strips  of  metal  cross  connected  by  a  set  of  diodes  as 
shown  in  Fig.  3.  The  amount  of  metalization  controls  the  amount  of  phase  shift  per 
dielectric  layer.  The  operating  principle  of  the  Radant  lens  is  that  the  phase  shift 
through  the  lens  changes  when  the  diodes  in  one  layer  are  turned  on  or  off.  The  total 
phase  shift  results  from  selectively  switching  between  die  two  diode  stetes  on  each 
layer  using  a  digital  bias  control  circuit.  In  between  the  two  parallel  plates  are  13 
dielectric  layers  with  diodes,  which  are  used  in  combination  to  create  a  4-bit  bulk 
(i.e.,  column  or  row)  phase  shifter.  The  top  view  of  one  column  of  the  lens  is  shown 
in  Fig.  4.  To  construct  a  4-bit  phase  shifter,  three  differmt  types  of  layers,  each  with 
a  different  amount  of  metalization,  is  used  to  produce  either  a  1 1 .25, 22.5,  and  a  45 
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degree  phase  shift  For  example,  to  create  a  1 12.5  degree  phased  shift,  the  22.5 
degree  bit  and  90  degree  bit  mnst  be  turned  on.  This  is  accomplished  by  turning  on  * 
all  the  diodes  on  the  first  and  second  layers,  activating  the  22.5  degree  bit,  and  also 
turning  on  ail  the  diodes  on  die  sixth,  seventh,  and  ei^th  layers,  activating  the  90 
degree  bit.  The  set  of  thirteen  layers  was  used  to  improve  matching  and  minimize 
the  resulting  return  loss. 


Scrips 


Figure  3.  Dielectric  support  layer  with  diodes  and  metal  strips  between  two 
conducting  plates 


Conducting  (Metal)  Plate 


Dielectric  Layers  With  Diodes  Conducting  (Metal)  Plate 


Figure  4.  Top  view  of  one  column  of  the  Radant  Lens,  illustrating  1 3  layers  for  a  4- 
Bit  Phase  Shifter. 
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The  simplest  configuration  is  an  E-piane  scanning  lens  in  which  beam 
scanning  results  firom  a  iinear  phase  gradient  along  the  E-plane  dimension.  One 
Radant  lens  provides  one-dimensionalelectromc  beam  scanning.  By  restricting  the 
scan  action  of  a  lens  to  a  single  plane,  a  great  simplification,  in  the  bias  circuitry  is 
achieved  since  the  individual  diodes  need  not  be  addressed  independently.  This 
reduces  the  complexity  of  the  driver  and  facilitates  its  location  exterior  to  the  lens. 
Two-dimensional  scanning  can  be  achieved  by  cascading  two  Radant  lenses  or  using 
one  Radant  lens  in  a  hybrid  configuration  [4,5,6].  As  slated  before  only  the  hybrid 
configuration  is  discussed  in  this  paper.  However,  it  may  be  of  interest  to  note  tiiat 
the  Radant  lens  technolog>’  is  also  being  advanced  in  France  by  Thompson-CSF. 
They  are  using  tiiis  technolog}"  in  producing  the  RBE-2  radar  for  the  French  Rafale 
Fighter  Aircraft.  They  are  using  a  dual  lens  system  with  a  polarization  rotator  to  scan 
the  beam  in  azimulh  and  elevation  [7]. 

In  1995,  a  contract  was  awarded  to  procure  a  Radant  lens  in  order  to  add  it 
to  the  front  of  the  slotted  waveguide  array  to  achieve  two-dimensional  scanning.  A 
photo  of  the  Radant  lens  in  the  final  stage  of  cdnsttuctionis  shown  in  Fig.  5. 


Figure  5.  The  Radant  lens  in  final  stage  of  construction. 


335 


Transm  itter 


Slotfed 
W  a  vegu ide 
Array 


Lens 


F errite  P base  S h ifter 


Figure  6.  Radant  iers  with  slotted  waveguide  array  system. 

Figure  6  shows  the  hybrid  phased  array  configuration  using  a  slotted 
waveguide  array  and  a  Radant  lens  in  front  of  it.  The  slotted  waveguide  array  with 
associated  phase  shifters  is  used  to  scan  the  beam  in  azimuth  plane  and  the  Radant 
lens  is  used  to  scan  the  beam  in  the  elevation  plane. 

The  procurement  cost  of  a  single  developmental  Radant  lens  is  about  $3M. 
However,  the  production  cost  is  estimated  to  be  about  $1M.  Combining  the  Radant 
lens  with  the  previously  procured  slotted  waveguide  array  and  a  transmitter  will 
result  in  a  production  cost  of  the  hybrid  phased  array  of  about  $3M.  On  the  other 
hand,  a  phased  array  of  the  same  size  requires  12,000  phase  sifters  and  drivers  (or 
XTl  modules).  Wim  an  optimistic  assumption  of  $500  per  phase  shifter  and  driver 
(or  $  1 000  per  T/R  module),  the  total  cost  of  a  12,000  element  phased  array  will  range 
from  S8M  to  S14M.  Therefore,  a  hybrid  array  with  a  Radant  lens  costs  much  less 
than  a  regular  phased  array  and,  hence,  is  an  affordable  phased  array. 

4.  Theoretical  Predictions 


As  stated  before,  each  dielectric  layer  is  made  up  of  a  dielectric  substrate  with 
tw^o  metalized  strips  interconnected  by  PIN  switching  diodes.  The  phase  shift  is 
accomplished  by  selectively  setting  forward  or  reverse  biasing  groups  of  diodes 
mounted  on  tiie  dielectric  layers.  The  amount  of  phase  shift  introduced  by  each  layer 
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depends  on  the  amount  of  metalization  and  the  property  of  the  diodes.  The 
equivalent  circuit  model  employs  lumped  elements  (inductors,  capacitors  and 
resistors)  to  represent  the  metalization,  the  diodes,  etc.  The  Radant  Lens  operation 
is  modeled  using  these  lumped  element  values.  Three  different  layers,  which  gave 
45°,  22.5°,  and  1 1.25°  phase  shift,  were  designed  and  built.  These  three  types  of 
layers  were  used  to  create  a  model  for  the  entire  lens  as  illustrated  by  13  layers  in 
Fig.  4  for  one  column  of  the  lens.  The  theoretically  predicted  transmission  response 
for  the  full  13  layer  lens  is  shown  in  Fig.  7a.  The  average  normal  incidence  (0°) 
transmission  is  about  -1.2  dB,  with  an  absolute  value  of  - 1 . 1  dB  at  band  center.  To 
confirm  the  theoretical  predictions,  a  group  of  five  (5)  early  production  phase  shift 
modules  (13  layers)  were  RF  tested.  These  measured  results  are  shown  in  Fig  7b. 


Figure  7a.  Plot  of  model  predicted  full  lens  transmission  response. 
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Figure  7b.  Plot  of  transmission  measurements  taken  on  five  (5)  early  production 
modules. 


The  normal  incidence  measurements  indicated  an  average  insertion  loss  of -1.2  dB. 
Within  the  uncertainty  of  measurement  errors,  these  measurements  agreed  well  with 
the  theoretical  predictions. 

5.  Experimental  Results 

Figure  8  shows  the  experimental  setup  of  the  hybrid  phased  array.  It  is  shown 
here  in  the  NRL  Radar  Division’s  compact  range.  Measurements  of  most  interest 
were  for  the  lens  losses  and  the  effect  of  the  lens  on  antenna  sidelobes.  Therefore, 
gain  and  radiation  patterns  measurements  were  made  with  and  without  the  Radant 
lens.  In  addition  to  these  measurements,  others  were  taken  to  calibrate  the  steering 
of  the  lens  over  the  entire  frequency  band  of  interest  (9.25  to  9.75  GHz).  Data  was 
collected  in  two  sessions.  First  it  was  collected  from  the  end  of  June  through  July 
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1998.  After  that  time,  the  lens  was  repackaged  arid  sent  back  to  Radant 
Technologies,  Inc.  for  further  calibration  and  improvement  The  lens  was  retomed 
to  NRL  and  final  measurements  and  calibration  were  preformed  from  the  end  of 
January  to  the  middle  of  March  1999.  The  hybrid  antenna  system  wll  be  used  at 
NRL's  Chesapeake  Beach  Detachment  as  part  of  a  3D  radar  system. 


Figure  8.  E3q)erimental  setup  of  the  hybrid  phased  array  in  the  compact  range  test 
facility.  The  light  object  is  the  Radant  lens  and  the  part  shown  at  the  back  of  the 
Radant  lens  and  to  the  right  is  the  lower  segment  of  the  slotted  waveguide  array. 


Hundreds  of  antenna  array  patterns  were  collected,  each  one  showed  that  the 
Radant  lens  has  performed  as  expected,  scanning  the  antenna  beam  only  with  small 
degradation  in  the  antenna  sidelobes.  These  conclusions  are  reached  by  comparing 
the  antenna  patterns  of  the  slotted  waveguide  array  by  itself  with  flie  patterns  for  the 
slotted  waveguide  array  with  the  Radant  lens  mounted  in  front  of  it.  The  patterns  are 
shown  in  Figs.  9,  10  and  II.  In  Fig.  9,  H-plane  sum  patterns  for  the  slotted 
wuveguide  array  only  and  the  hybrid  array  are  plotted  on  top  of  each  other.  In  both 
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cases  the  frequency  is  at  9.25  GHz  and  the  slotted  waveguide  array  is  steered  to  0°. 
The  Radant  lens  is  powered  off,  putting  the  lens  in  state  15.  In  state  15,  the  diodes 
are  all  reverse  biased,  providing  no  beam  steering  and  allowing  the  two  patterns  to 
line  up.  Care  was  taken  to  ensure  that  the  main  beams  were  peaked  in  the  elevation 
plane  for  these  azimuth  patterns.  Fig.  10  shows  the  difference  patterns  that  are 
associated  with  the  sum  patterns  shown  in  Fig  9.  From  figs.  9  and  10,  it  is  readily 
seen  that  the  Radant  lens  causes  very  little  deterioration  in  the  main  beam  and  the 
sidelobes. 

In  fig.  1 1 ,  a  comparison  of  E-plane  sidelobe  levels  is  shown.  The  frequency 
is  9.5  GHz  and  the  slotted  waveguide  array  is  scanned  to  15°.  The  way  this  was 
done  was  to  turn  both  antennas  on  their  side  and  tilt  the  arrays  back  by  1 5  °.  In  each 
case  the  beams  were  peaked  and  patterns  were  taken  by  rotating  the  array(s)  about 
the  vertical  axis.  In  this  plane  there  is  a  squint  of  3.5°  to  4.0°  for  each  system, 
which  happens  because  of  the  nature  of  the  slotted  waveguide  array.  There  is  also 
a  0.5  °  additional  squint  due  to  the  non-linearities  of  the  Radant  lens.  This,  of  course, 
causes  the  sidelobes  to  change.  Notice  that  the  highest  sidelobe  of  the  slotted 
waveguide  is  higher  than  the  same  sidelobe  for  the  hybrid  even  with  the  loss 
correction.  Notice  that  the  sidelobe  deterioration  is  small  in  the  E-plane,  but  not 
quite  as  small  as  the  H-plane.  Not  all  patterns  are  as  good  as  these  examples, 
however  the  sidelobe  levels  are  well  within  acceptable  range  for  all  patterns. 

Fig.  12  illustrates  the  scanning  capability  of  the  Radant  lens.  In  this  plot, 
several  over  lapping  patterns  at  9.5  GHz  are  shown.  These  are  E-plane  patterns 
showing  the  lens  ability  to  scan  over  large  angles.  In  this  example,  the  lens  was 
scanned  to  0°,  ±10°,  ±20°,  ±30°,  ±40°,  and  45°.  The  main  beams  are  not  exactly 
at  the  correct  angles  due  to  the  squint  of  the  slotted  waveguide  array  beam  in  this 
plane,  which  would  be  calibrated  out  when  used  with  a  radar  system.  Figs.  13  and 
14  show  E-plane  patterns  for  two  ofthe  cases  shown  in  Fig  12,the-30°  (Fig  13)and 
45  °  (Fig  14)  scanned  cases.  For  these  two  cases,  no  comparison  pattern  can  be  made 
to  show  how  well  it  matches  to  the  slotted  waveguide  only  pattern.  This,  of  course, 
is  because  the  slotted  waveguide  array  cannot  scan  to  these  angles.  What  is  shown 
in  these  two  patterns  is  that  the  relative  sidelobe  levels  are  reasonable  and  similar  in 
level  to  the  broadside  cases,  indicating  that  the  Radant  lens  did  not  introduce  large 
phase  errors. 

Now  the  transmission  loss  of  the  Radant  lens  is  considered.  This  will  be 
discussed  from  two  main  vantage  points:  The  loss  while  scanning  the  beam  and  the 
loss  while  staring.  In  the  staring  mode,  all  diode  phase  shifters  are  set  to  the  same 
state  and  the  main  beam  does  not  change  angle  while  passing  though  the  lens  (other 
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than  due  to  small  non-linearities).  In  the  scanning  mode,  the  main  beam  is  steered 
away  from  broadside  and  this  can  only  be  accomplished  with  the  diode  phase  shifters 
in  various  states.  With  the  diode  phase  shifters  in  various  state,  there  are  different 
numbers  of  forward  and  reverse  biased  diodes.  This  results  in  a  different  loss  than 
the  staring  state.  In  each  mode,  the  loss  was  measured  by  taking  the  difference  of  the  . 
rnain  beam  peaks  of  the  slotted  waveguide  array  by  itself  and  the  hybrid  array. 

In  staring  state,  there  was  no  power  applied  to  the  Radant  lens,  which  put  all 
the  diodes  into  state  15  or  all  diodes  reverse  biased.  The  loss  for  this  case  varied 
nearly  linearly  with  frequency  from  1 .5  dB  at  9.25  GHz  to  2.5  dB  at  9.75  GHz.  In 
the  scanning  mode,  the  diode  phase  shifters  states  are  somewhat  random  in 
appearance.  With  the  Radant  lens  scanned  to  20°,  NRL  measured  a  loss  of  2.4  dB 
at  9.25  GHz,  increasing  linearly  to  2.5  dB  at  9.75  GHz.  These  losses  are  higher  than 
the  theoretical  predictions.  Radant  Technologies,  Inc.  discussed  the  reasons  for  these 
higher  losses[8]  and  provided  ways  to  reduce  them.  In  fact,  Radant  Technologies, 
Inc.,  since  this  lens  was  made,  have  constructed  another  smaller  lens  that  has  a  loss 
of  approximately  1  dB  across  the  band. 

6.  Conclusions 

An  affordable  hybrid  phased  array  configuration  is  discussed.  The  hybrid 
configuration  is  made  up  of  a  modified  AN/TPQ-36  antenna  (a  slotted  waveguide 
array)  and  a  Radant  lens  in  front  of  it.  The  slotted  waveguide  array  with  the 
associated  phase  shifters  at  each  column  is  used  to  scan  the  beam  in  the  azimuth 
plane  and  the  Radant  lens  is  used  to  scan  the  beam  in  the  elevation  plane.  Recently, 
a  4'  X  8'  Radant  lens  was  procured  from  Radant  Technologies,  Inc.  for  this  purpose. 
Experiments  were  performed  at  Radant  and  then  at  NRL’s  compact  range  on  this 
affordable  hybrid  array  configuration  to  measure  insertion  loss,  pattern  distortion  and 
scanning  performance.  Although  the  measured  Radant  Lens  loss  is  a  bit  higher  than 
the  theoretically  predicted  loss,  the  Radant  Lens  performed  well  with  good  scanning 
properties,  low  radiation  pattern  distortion  and  low  return  loss.  The  major  result  of 
this  development  has  been  the  successful  demonstration  of  a  low  cost  Radant  lens, 
which  is  an  electronically  steerable  antenna  that  could  be  employed  for  military  and 
commercial  application. 
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Figure  9.  H-Plane  sum  channel  patterns  of  slotted  waveguide  array  only  and  hybrid 
array  at  9.25  GHz. 
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Figure  10.  H-Plane  difference  patterns  of  slotted  waveguide  array  only  and  hybrid 
array  at  9.25  GHz. 
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Figure  13.  E-Plane  pattern  of  the  hybrid  array  scanned  to  -30° 
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Figure  14.  E-  Plane  pattern  of  the  hybrid  array  scanned  to  45°. 
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Abstract:  The  millimeter-waves  radial-line  slot  array  (RLSA)  is  perspective 
antenna  for  communications  and  radars  due  to  high  level  of  its  performances 
achieved,  as  well  as  mass  production  opportunities  by  application  of  printed- 
circuit  technology  like  for  microstrip  patch  antennas.  Both  the  theoretical 
and  the  experimental  approaches  to  develop  the  millimeter-waves,  30-35  GHz 
band,  linear-polarized,  single-layered  RLSA  antenna  will  be  presented.  The 
theoretical  consideration  is  aimed  to  predict  antenna  performances  and 
develop  relevant  antenna  design  procedure  while  the  experimental  technique 
is  employed  for  verification  of  theoretical  concept  as  well  as  to  estimate 
antenna’s  features  can  be  achieved.  The  technological  aspects  of  the 
millimeter-waves  RLSA  antenna  creation  will  be  considered  here.  Results  of 
experimental  investigations  of  the  50-200  mm  diameter  RLSA  antenna  in  the 
30-35  GHz  band  will  be  presented  and  discussed  in  this  paper. 

1.  Introduction 

A  RLSA  antenna  has  been  proposed  nearly  40  years  ago  [1]  and  became  the 
subject  of  study  as  perspective  antenna  for  direct  TV  satellite  broadcasting  and 
any  other  wireless  communications  since  1980  [2].  Undoubted  preferable  features 
of  RLSA  antenna  include  high  efficiency  and  gain,  easiness  for  handling  and 
front-end  installation  etc.  In  contrast  to  commonly  used  parabolic  antenna  the 
RLSA  antenna  differs  as  low-profile,  low- weight,  and  more-aesthetic  one  [3].  The 
millimeter-wave  RLSA  antenna  presented  here  has  additional  advantages  like 
portability  and  massive  production  opportunity.  The  last  factor  is  achieved  by 
employment  of  a  printed-circuit  technology  for  fabrication  of  antenna  slotted- 
aperture  due  to  its  small-sized  geometry  in  contrast  to  the  X-band  RLSA  antenna. 
In  another  words,  the  millimeter-wave  RLSA  antenna  can  be  manufactured  like 
microstrip  patch  antennas  while  the  manufacturing  of  the  X-band  RLSA  antenna, 
which  demands  special  labor  technological  mechanical  operations  when  total 
production  charges  depends  on  number  of  slots  produced  directly  [3]. 
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There  are  some  literature  indications  on  the  millimeter-waves  RLSA  antenna  [4] 
but  up  to  now  the  most  studies  are  devoted  to  the  X-band  RLSA  one.  The 
millimeter-waves  band,  30-35  GHz  band,  single-layered,  linear-polarized  RLSA 
antenna  is  under  investigation  in  this  paper.  In  contrast  to  the  X-band  (12GHz) 
RLSA  antennas  the  millimeter-wave  ones  have  additional  benefits  from 
technological  point  of  view.  The  radiation  characteristics,  including  pattern, 
antenna  beam- width  with  3-dB  criterion,  side-lobe  level,  gain  factor,  input  VSWR 
(return-loss)  are  evaluated  here  by  theoretical  considerations  based  on  model  of 
slot  in  waveguide  and  matrix  model  involved  slots’  assembly  forming  antenna 
aperture.  This  theoretical  model  is  simultaneously  methodological  foimdation  for 
a  RLSA  synthesis  procedure  to  set  exactly  locations  and  dimensions  of  slots  for 
obtaining  the  total  performances  required.  Special  attention  has  been  paid  to 
technological  aspects  to  manufacture  the  millimeter-wave  RLSA  antenna 
prototypes  as  well  to  develop  antenna  feeding  unit  that  should  be  preferable  for 
front-end  installation  via  a  7.2x3. 4  mm  (WR28)  standard  waveguide. 

Some  experimental  research  series  have  been  performed  to  confirm  the  validity  of 
the  proposed  theoretical  concepts  and  to  research  experimentally  some  aspects  of 
studied  problems.  Compact  antenna  range  assembly  based  on  the  analog  network 
analyzer  has  been  employed.  A  good  agreement  between  experimental  and 
theoretical  results  has  been  obtained.  Presented  data  result  from  considerable 
theoretical  and  experimental  studies  conducted  by  the  author  since  1990. 

2.  Problem  Confrguration 

Fig.  1  shows  the  usual  basic  configuration  of  single-layered,  linear-polarized 
RLSA  antenna  that  is  same  in  general  features  for  the  well-know  X-band  antennas 
[2,3]  and  millimeter-waves  ones.  Note  that  the  millimeter-waves  RLSA  antenna 
has  some  construction  peculiarities  concerning  implementation  of  its  principal 
components  like:  1)  the  radiating  aperture  formed  by  the  upper  plate  of  radial  line 
with  definite  slot  topology  performed  on  dielectric  substrate  by  etching  process; 
2)  the  lower  plate  of  radial  line  served  simultaneously  as  antenna  construction 
base  for  its  easy  handling  and  installation;  3)  antenna  feeding  unit  included  two 
transitions,  i.e.  ‘rectangular  guide  -  coaxial’  and  ‘coaxial  -  radial  line’.  Shortly 
speaking,  the  RLSA  antenna  operates  like  a  traveling  wave  antenna  with  gradually 
decaying  outward  wave,  which  starts  from  feeding  point  and  excites  consequently 
each  partial  linear-polarized  radiator  formed  by  pair  of  slots  in  common  mode 
[2,3]  (Fig.  2)  to  get  linear  polarization.  An  electromagnetic  coupling  between  slots 
and  radial  outward  wave  produces  definite  amplitude-phase  distribution  of  field 
over  aperture  resulted  finally  in  some  radiation  performances  obtained. 
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Fig.  1.  Schematic  presentation  of  the  single-layered  linear-polarized  RLSA 
antenna  with  its  principal  elements:  1)  upper  radiating  plate  with  slots  on 
dielectric  substrate  with  metallic  thin  sheet;  2)  conical  launcher  of  radial  line; 
3)  matched  edge  load;  4)  waveguide  feeder;  5)  antenna  base  and  lower  radial  line 
plate;  6)  slow-wave  dielectric  material. 


Slot  1-2 


Fig.  2.  Common  slot  geometry  of  linear-polarized  RLSA  antenna. 


3.  General  Theoretical  Consideration 
3.1.  Model  of  single  slot 

An  equivalent  electrical  lumped-circuit  model  of  single  slot  (Fig.  3)  is  starting 
point  for  the  RLSA  analysis  [5].  This  equivalent  circuit  with  evident  resonance 
features  characterized  by  resonance  frequency  fo  and  quality  factor  Q  [9]  is  shown 
in  Fig.  3.  The  next  step  of  analysis  involves  formal  description  of  slot  frequency 
behavior  in  a  transmission  line  like  in  Fig.  4  for  the  TEM  two-plate  guide.  Note 
that  some  correction  of  slot’s  length  is  necessary  due  to  edge  radiation  effect. 


Fig.  3.  Equivalent  electrical  lumped-circuit  model  of  slot  in  thin  metallic  plate. 

/ 


Fig.  4.  Equivalent  transmission  line  model  of  slot  in  the  TEM  two-plate  guide. 
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It  was  established  by  the  author  that  an  approximated  slot’s  analysis  based  on 
wave  matrix  model  is  productive  in  practice  for  considered  problem.  The  basic 
idea  implemented  here  is  one  that  slot’s  influence  on  propagation  features  of 
waveguide  fundamental  mode,  i.e.  TEM  mode  in  this  case,  can  be  outlined  as 
modification  of  waveguide  impedance  and  its  wave  propagation  factor,  which 
become  frequency-depended,  i.e.  disperse  and  complex  [7]. 

3.2.  Model  of  slots’  assembly  in  radial  line 


Some  specific  properties  of  radial  line  [6]  should  be  involved  in  study  too.  A 
radial  line  is  treated  here  by  its  ringed-segment  parts  as  shown  conditionally  in 
Fig.  5.  Each  segment  is  described  by  the  T  transmission  matrix: 


T  = 


exp(-7-/g-^ 

^\  +  dlRo 

-J\  +  d I Ro  •  exp(- j •  P'd) 


■\j\  +  d  I  Ro 
0 


(1) 


The  T-matrix  as  any  wave  matrix  for  radial-line  requires  special  cares  concerning 
wave  amplitude  decreasing  due  to  natural  radial-wave  outward  propagation.  Such 
formal  approach  is  preferable  thanks  the  fact  that  it  allows  inside  framework  of 
single  mathematical  model  to  compute  all  necessary  values  to  characterize 
antenna  internal  features  like  return-loss  and  external  one  as  radiation  pattern  and 
efficiency.  In  the  radial-patch  model  proposed  an  amplitude-phase  distribution  of 
electromagnetic  field  over  round  aperture  to  achieve  necessary  radiation  features 
is  determined  as  superposition  of  all  radial  subsections  (Fig.  5).  In  turn, 
amplitude-phase  distribution  of  each  subsection  is  determined  by  voltage  drop  on 
it  that  is  difference  between  its  input  and  output  voltage  for  outward  wave  (Fig. 
6).  Frequency  dependence  of  the  T-matrix  RLSA  model  gives  possibilities  to 
estimate  anteima  total  frequency  response  in  the  operation  frequency  band. 

In  accordance  to  discussed  model,  the  slot-disturbed  aperture  of  radial  line  can  be 
described  via  properties  of  equivalent  transmission  line  that  includes  such  factors 
like  (Fig.  7):  1)  slow-wave  coefficient  that  modified  effective  wavelength  in  radial 
line  and  slots’  spacing,  2)  aperture  coupling  factor,  i.e.  leakage  constants,  which 
determines  the  effects  of  power  take-off  by  slots  from  traveling  outward  wave  that 
resulted  in  aperture  field  distribution,  3)  phase  of  slot’s  voltage  drop  that  is  actual 
to  maintain  in-phase  aperture  field  distribution.  All  these  values  are  important  for 
the  aperture  synthesis  procedure  considered  above  to  obtain  slotted  aperture 
geometry  for  given  pattern  and  radiation  antenna  requirements. 
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Fig.  5.  Ringed  segment  of  radial  line  for  its  presentation  by  transmission  line 
model. 


Fig.  6.  Equivalent  transmission  line  model  of  slots’  assembly  in  the  radial  guide 
forming  RLS  A  antenna  aperture  like  quasi-periodic  radial  structure. 


354 


Relativel  slot  length,  Lsiot/^o 


Fig.  7.  Equivalent  electrical  features  of  slotted  radial  line  where  quality  factor  Q 
as  parameter  above  is  determined  by  slot  geometry  in  Fig.  3  mainly. 


4.  CAD  Synthesis  Procedure 

The  developed  synthesis  procedure  has  implemented  in  the  CAD-like  software 
(Fig.9)  to  automate  process  of  the  RLSA  antenna  design.  This  software  allows  to 
design  by  iterations  the  slots’  geometry  to  create  mask  of  printed  circuit 
technology  for  given  set  of  antenna  required  performances.  The  RLSA  antenna 
synthesis  procedure  includes  the  three  main  operationalization  stages. 

Firstly,  a  preliminary  energy  synthesis  of  antenna  for  chosen  aperture  amplitude 
field  distribution  U(r)  is  accomplished  that  gives  radial  distribution  of  coupling 
factor  A(r)  under  assumption  about  in-phase  aperture  field  distribution.  At  that 
there  is  some  potential  limits  of  the  RLSA  antenna  efficiency  shown  in  Fig.  8  that 
is  similar  to  any  traveling  wave  antenna  when  some  optimal  coupling  factor  exists 
due-to  unavoidable  trade-off  between  aperture  efficiency  affected  by  uniformity  of 
aperture  field  distribution  and  antenna  edge  loading  efficiency. 

Next,  slot  geometry  vmder  requirement  of  grating  lobe  banning  and  in-phase 
aperture  field  distribution  is  determined  based  on  taking  into  consideration  all 
phase  determined  components  in  Fig.  7,  i.e.  slots’  geometry,  radial  distance 
between  them  and  slow-wave  factor.  Note  that  slots’  length  and  spatial  spacing  is 
sufficiently  non-uniform  along  radius  of  radial  line.  Finally,  the  matrix  model  of 
RLSA  anteima  offers  estimating  in  the  operation  frequency  band  anterma  gain  and 
its  aperture  efficiency  obtained,  as  well  as  antenna  return-loss  and  total  efficiency. 
At  any  synthesis  stage  the  possibility  to  correct  previous  stages  exists  due  to 
iterative  nature  of  used  design  strategy  with  step-by-step  or  loop  repetition  to  get 
finally  a  RLSA  antenna  mask. 


RLSA  efficiency 


Fig.  8.  Potential  efficiency  of  the  200mm-diameter  32  GHz  RLSA  antenna  with 
constant  over  aperture  coupling  factor. 
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Fig.  9.  Flowchart  of  the  RLSA  antenna  synthesis  procedure. 
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5.  Some  Technological  Aspects  of  Antenna  Prototype  Manufacturing 

As  stated  before,  the  millimeter-waves  RLSA  antenna  has  very  attractive  features 
due  to  its  mass  production  opportunities,  i.e.  possibility  to  employ  the  printed- 
circuit  technology  like  one  for  microstrip  patch  antennas  and  arrays.  So,  the  upper 
slot-consisted  plate  of  radial  line  (Fig.  1)  can  be  fabricated  by  using  mask 
produced  by  the  CAD  software  in  accordance  with  final  antenna  features 
required.  The  mask  of  slots’  topology  have  been  accomplished  by  computer  laser 
jet  printing  on  transparent  film  under  control  of  special  component  of  the  CAD 
software.  Later,  the  slotted  antenna  aperture  can  be  fabricated  by  employment  of 
common  chemical  etching  technology  with  negative  mask  setting  etc. 

To  accomplish  the  upper  plate  of  RLSA  antenna  with  complex  slot  topology,  the 
thin  foil-clad  sheet-like  dielectric  materials  with  bonded  copper  0.2  mm  foil  has 
been  used.  Both  such  low-frequency  material  applied  in  the  0.1-5  GHz  frequency 
band  mainly  and  more  high-frequency,  more  expansive,  fluoroplastic  materials 
have  been  used  by  the  author.  Dielectric  constant  of  used  substrate  materials  have 
been  estimated  experimentally  because  corresponding  figures  have  been  known 
from  references,  at  best,  for  low  frequencies  namely  in  some  range  that  gives  very 
large  uncertainty,  which  is  very  critical  aspect  for  proper  RLSA  antenna  design. 
Same  reasons  are  valid  too  for  the  slow-wave  dielectric  material  used  in  the  RLSA 
antenna  to  prevent  grating  lobes  (Fig.  1).  Moreover,  any  dielectric  material  have 
inherently  a  definite  dispersion  of  its  electrical  properties  that  must  be  taken  into 
consideration  to  estimate  statistical  dispersion  of  antenna  final  performances 
achieved,  as  well  as  manufacture  tolerances  for  slots’  position  and  their  total 
geometry  (length,  width,  shape). 

In  the  presented  investigations  each  example  of  RLSA  antenna  prototype  has  been 
designed  for  definite  materials  employed  with  electrical  features  estimated 
preliminary  by  applications  of  a  special  experimental  technique  shown  in  Fig.  10. 
This  technique  is  based  on  estimation  of  dielectric  constant  and  attenuation  factor 
by  measured  values  of  resonance  frequencies  and  quality  factors  in  the  reference 
low-coupled  waveguide  resonator  (Fig.  10a),  which  enables  its  precise  computing 
due  to  known  exactly  electrodynamics  model  (Fig.  lOd)  like  one  for  slot  slot-line 
(Fig.  10b)  and  dielectric  H-guide  (Fig.  10c)  resonators. 

For  example,  typical  values  of  dielectric  constant  of  high-frequency  dielectric 
materials  measured  in  the  30-34  GHz  frequency  band  were  about  3.75...3.80  with 
tan6«5...6xl0'^  while  the  low-frequency  materials  have  demonstrated  2.30...2.40 
dielectric  constant  with  tan5«3...4xl0’^. 
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Slot-line  resonator  Dielectric  H-waveguide 
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d) 

Fig.  10.  Experimental  studies  to  measure  electrical  properties  of  used  dielectric 
materials:  (a)  method  of  low-coupled  resonator  in  rectangular  waveguide  section, 
(b)  slot-line  resonator  concept;  (c)  dielectric  H-guide  resonator  method; 
(d)  equivalent  lumped-circuit  for  resonator  computing. 


359 


6.  Antenna  Feeding 


In  contrast  to  the  X-band  RLSA  antenna  where  feeding  unit  via  coaxial  line  is 
employed  [2-3],  a  standard  waveguide  feeding  of  7.2x3 .4  mm  cross-section  is 
preferable  for  the  millimeter-waves  RLSA  antenna  of  the  30-34  GHz  frequency 
band.  So  a  some  transition  unit  from  rectangular  waveguide  to  radial  line  is 
necessary.  As  results  of  studies  conducted,  a  combined  transition  has  been  found 
more  preferable  for  the  millimeter-waves  RLSA  antenna.  This  transition  consists 
of  the  first  stage  presented  by  a  rectangular  waveguide-coaxial  line  junction  that 
connected  with  the  next  stage  formed  by  coaxial-to-radial  line  transition. 

Such  combined  transition  has  been  emplemented  for  antenna  feeding.  There  are 
two  constructive  variants  to  implement  the  millimeter-waves  RLSA  antenna 
feeding  via  the  standard  7.2x3 .4  mm  guide.  These  variants  differ  by  position  of 
input  waveguide  aperture  in  accordance  to  the  main  based  plate  of  antenna  (Fig. 
1),  i.e.  with  orthogonal  orientation  (Fig.  lib)  where  exciting  probe  is  employed 
and  parallel  installation  (Fig.  11a)  with  magnetic  loop-like  exciting  elements. 
These  both  variants  have  been  developed  and  tested  experimentally.  As  for 
coaxial-to-radial  line  junction  the  two  variants  similar  to  ones  studied  before  [2,3] 
have  been  employed:  conductive  conical-ended  (Fig.  12a)  and  disk-ended 
capacitive  (Fig.  12b)  probes  designed  by  electrostatic  model  with  the  following 
experimental  revisions  accomplished.  Electromagnetic  coupling  between 
waveguide  and  coaxial  line  has  been  implemented  by  using  planar  printed  circuits 
as  in  Fig.  12c-f,  i.e.  printed  loops  in  Fig.  12c-d,  and  printed  probes  in  Fig.  12e-f 
that  is  very  attractive  from  manufacturing  point  of  view  in  contrast  to  solid 
elements. 

As  seen  in  Fig.  12c-f  some  presented  printed  transition  elements  contain  as  well 
an  additional  circuit  for  return-loss  compensation.  The  last  is  serious  problem  for 
linear-polarized  RLSA  antennas  caused  degradation  of  antenna  total  efficiency 
[3].  It  is  known  that  return-loss  of  such  antenna  seen  by  its  feeding  point  is  forced 
by  in-phase  summation  of  return  waves  produced  by  each  radial  set  of  slots  spaced 
at  half-wave  distances.  In  this  paper  some  improvement  of  antenna  efficiency  by 
mentioned  above  circuit  has  been  achieved.  Note  that  this  solution  is  very 
preferable  because  it  put  into  effect  by  compact  millimeter-waves  printed  circuit 
imbedded  in  a  feeding  waveguide  of  the  RLSA  antenna. 

Total  performances  of  the  RLSA  antenna  feeding  unit  can  be  investigated  by  its 
equivalent  electrical  circuit  presented  in  Fig.  12g  that  consists  of  all  discussed 
above  components,  including  return-loss  compensation  circuit  [8]. 


360 


Fig.  1 1 .  Constructive  variants  to  implement  the  millimeter-waves  RLSA  anteima 
feeding  via  the  standard  7.2x3.4  mm  guide:  (a)  orthogonal  position  of  feeding 
waveguide  in  accordance  to  main  based  plate  of  anteima  with  exiting  probe,  (b) 
parallel  position  of  feeding  waveguide  with  exciting  loop  where  1-  antenna  base, 
2&3  -  waveguide  half-sections,  4  -  waveguide  exciting  element  (probe  or  loop). 
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Rectangular  standard  7.2x3.4  mm 
waveguide 

g) 


Fig.  12.  (a)  conical-ended  coaxial-to-radial  line  junction,  (b)  disk-ended  coaxial- 
to-radial  line  junction,  (c)-(d)  printed  loops,  (e)-(f)  printed  probes,  (g)  equivalent 
electrical  circuit  of  the  antenna  feeding  unit  to  analyze  it. 


7.  Experimental  Measurement  Set-up 


The  special  experimental  measurement  assembly  has  been  developed  (Fig.  13). 
This  assembly  includes  the  analog  network  analyzer  for  the  26-39  GHz  frequency 
band  as  base  elements  with  7.2x3 .4  mm  waveguide  interconnections.  The  two 
antennas,  i.e.  the .  reference  horn  antenna  and  the  RLSA  anteima  vmder 
experimental  investigation  are  implemented  both  in  testing  waveguide 
transmission  line  with  free-space  wireless  section.  The  distance  between  antennas 
is  of  about  8  meters  and  antenna  have  studied  in  the  Frenel  zone  partially.  So  real 
gain  magnitude  should  be  a  little  more  than  measured  one  for  the  far-region  of 
antenna  operation  that  employed  commonly.  The  measurement  assembly  has  been 
installed  in  ordinary  laboratory  room,  not  special  anechoic  chamber.  Only  the 
reference  or  the  testing  RLSA  antenna  has  have  back-installed  special  sheets  of 
electromagnetic  adsorber  to  minimize  interference  scattering.  There  is  also  a 
mechanical  beam  steering  units  with  possibility  to  set  elevation  and  azimuthal 
position  of  antenna  in  the  range  0-190**  to  estimate  radiation  pattern.  Notice  the 
presented  compact  millimeter- wave  antenna  measurement  assembly  is  used  now 
for  millimeter  antenna  laboratory  teaching  course  on  the  Radioengineering 
Department  of  the  Kyiv  Polytechnic  Institute,  Ukraine. 


Fig.  13.  Measurement  assembly  to  examine  millimeter-waves  RLSA  antenna. 
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8.  Experimental  Studies 

A  set  of  the  50-200  mm  diameter  linear-poiarized  RLSA  antennas  has  been 
developed  by  the  author  due  to  the  proposed  dieoretical  model  discussed  above. 
These  antennas  has  been  designed  by  the  CAD  software,  which  implements  the 
presented  above  synthesis  procedure  with  antenna  mask  as  final  result  Later,  the 
radiating  aperture  of  the  experimental  prototype  RLSA  antennas  have  been 
fabricated  by  the  printed-circuit  technology  and  those  antennas  have  been  tested  in 
the  compact  antenna  measurement  assembly  (Fig.  13).  Fig.  14  shows  one  of  the 
200  mm  diameter  RLSA  antennas  for  the  32-34  GHz  operation  frequency  band 
where  etched  slots  are  located  on  the  back  side  of  dielectric  substrate  with  single¬ 
side  metallic  foil  conductor,  which  forms  antenna  aperture.  Note  that  slots  are 
visible  on  the  antenna  front  in  transparent  mode  in  Fig.  14.  Additionally  same 
antenna  is  shown  from  its  front  in  Fig.  15  and  rear  side  in  Fig.  16  where  irtenna 
waveguide  feeder  is  visible.  The  two  side  views  of  this  antenna  with  holder  are 
presented  in  Figures  17  and  18  enabled  estimating  its  unique  low-profile  property. 


Antenna’s  gain  factor  and  VSWR  versus  operation  frequency,  both  the  theoretical 
and  the  experimental  ones,  are  shown  in  Fig.  19  for  the  millimeter-waves,  200 
mm  diameter,  linear-polarized  RLSA  antenna  where  seen  a  moderate  discrepancy 
between  theory  and  experiment.  The  gain  and  VSWR  are  within  10%  of  the 
theoretic  values.  It  is  apparent  thanks  acceptable  level  of  antenna  performances 
achieved  that  developed  theoretical  models  and  their  implementation  in  the 
synthesis  procedure  give  available  design  accuracy  under  condition  of  exactly 
known  dielectric  constant  of  used  materials.  The  last  requires  necessary 
measurement  operations  to  get  such  data  (Sect.  5). 

Another  kind  of  antenna  features  resulted  from  employment  various  aperture  field 
distribution  and  design  strategies  is  depicted  in  Fig.  20  for  the  low-  and  high- 
frequency  dielectric  materials  used  for  aperture  fabrication  (Sect.  5).  Data  in  Fig. 
20  demonstrates  that  employment  of  a  low-frequency  material  with  more 
dielectric  loss  has  some  positive  feature  to  improve  return-loss.  There  is  some 
interest  generalization  concerning  decreasing  of  antenna  return-loss  that  can  be 
achieved  by  application  of  losses  material  for  creation  of  the  antenna  upper  plate. 
As  it  found  [3]  that  using  of  low  conductive  metal,  i.e.  aluminum  instead  of 
copper,  gives  some  improvement  of  linear-polarized  RLSA  return-loss  due  to 
additional  attenuation  produced  by  non-perfect  conductor.  Note  that  in  both  cases 
total  decreasing  of  antenna  efficiency  due  to  attenuation  effect  in  the  upper  plate 
material  is  lower  that  one  forced  by  return-loss  factor.  And  resulted  antenna 
efficiency  and  its  gain  factor  is  better  (+  3-5  dB)  in  contrast  to  situation  when 
more  perfect  material  used  and  return-loss  effect  is  expressed  strongly. 

From  Fig.  19  and  Fig.  20,  it  is  foxmd  that  the  frequency  bands  where  antenna 
demonstrates  high  gain  and  low  VSWR  magnitudes  are  tightly  coupled  thanks  to 
the  antenna  feeding  used  with  circuit  for  return-loss  improvement  (Sect.  6).  This 
is  peculiarity  of  the  presented  RLSA  antenna  in  contrast  to  known  variants  with 
simple  feeding  unit  via  coaxial-to-radial  junction  [2,3]. 

The  key  moment  of  antenna  design  is  to  ensure  necessary  amplitude  distribution 
over  antenna  aperture  for  given  its  total  performances.  In  order  to  get  high 
magnitude  of  antenna  efficiency,  as  well  as  low  level  of  antenna  side-lobes,  other 
t3q)es  of  aperture  field  distribution  than  uniform  one  are  required.  This  design 
problem  has  optimal  solution  taking  into  consideration  of  all  discussed  above 
aspects.  Fig.  21  demonstrates  measmed  by  special  millimeter-waves  probe  an 
amplitude  distribution  of  aperture  field  where  computed  magnitudes  of  aperture 
efficiency  (AE)  used  as  curve’s  parameter.  It  has  been  observed  that  optimal 
features  of  antenna  is  reached  with  non-uniform  distribution. 
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Typical  experimental  pattern  of  the  200  mm  diameter  RLSA  antenna  in  the 
electric  plane  with  side  lobe-level  of  about  -22  dB  is  shown  in  Fig.  22.  For  this 
pattern  about  2.5°  beam  width  at  -3dB  pattern  level  has  been  obtdned.  The  cross- 
polarization  component  measured  was  approximately  -18dB  for  this  antenna. 

Fig.  23  represents  the  results  of  experimental  studies  to  measure  gain  factor  of  the 
RLSA  antennas  with  various  diameters  ranged  from  40  to  195  mm  as  well  as 
theoretical  curve  for  gain  of  in-phase  radiating  round  aperture  with  100%  and  30% 
efficiency  factors.  As  seen  in  Fig.  23,  efficiency  of  the  RLSA  antenna  with 
diameter  that  is  less  or  equal  to  150  mm  is  not  preferable.  So  the  considered  200 
mm  diameter  RLSA  is  optimal.  At  the  same  time,  for  some  applications  small¬ 
sized  RLSA  can  be  useful  due-to  plane  aperture,  low-profile  features  and 
opportunities  of  its  conformal  implementation.  These  features  are  very 
competitive  in  contrast  to  horn  antennas  of  same  diameter. 


9.  Discussions  and  Conclusions 

A  millimeter-waves  linear-polarized  RLSA  antenna  has  been  studied  theoretically, 
numerically  and  experimentally  in  this  paper.  Total  gain  factor  achieved  is  about 
32  dB  that  corresponds  of  60%  aperture  efficiency  in  the  operation  frequency  band 
of  about  31-33  GHz.  The  effect  of  return-loss  that  is  principal  for  such  antennas  is 
estimated  here  by  VSWR  value,  which  is  about  1.11-1.15  in  the  1-1.5  GHz 
frequency  bandwidth.  Results  that  illustrate  the  accuracy  of  developed  synthesis 
procedure  were  being  presented. 

For  comparison,  the  measured  pattern  performances  (gain,  beam-width)  and 
efficiency  of  RLSA  are  better,  than  ones  for  a  horn  antenna  with/without  dielectric 
lens,  and  slightly  worse,  than  for  parabolic  reflector  antenna.  For  example,  the 
presented  200  mm  diameter  RLSA  demonstrates  60  %  efficiency,  30-32  dB  gain 
in  the  31-32  GHz  being  planar  structure  with  low-profile  features  and  high  mass 
production  opportunities  due  to  printed  circuit  technology  employed. 

Some  oscillating  features  of  RLSA  performances  in  Fig.  19  and  Fig.  20  result 
from  non-uniform  slots  features  above  aperture  due  to  used  design  strategy  that 
based  on  homogenous  slot  distribution  over  aperture.  It  seems  reasonable  to  make 
some  generalization  of  the  design  strategy  that  should  be  based  on  consideration 
of  advanced  theory  of  antenna  synthesis,  which  is  similar  to  classical  theory  of 
filter  synthesis  [8]  in  some  features  when  preferable  approximation  for  antenna 
gain  and  WSVR  versus  frequency  band  can  be  employed. 
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Fig.  19.  Theoretical  and  experimental  gain  and  VSWR  of  the  200  mm  diameter 
RLSA  antenna  versus  operation  millimeter-waves  frequency  band  that 
demonstrates  tight  coupling  between  theory  and  experiment. 
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Fig.  20.  Experimental  values  of  gain  and  VSWR  of  the  200  mm  diameter  RLSA 
antenna  versus  operation  millimeter-waves  frequency  band  with  the  low-  and 
high-frequency  dielectric  materials. 
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Aperture  amplitude  distribution 


Fig.  21.  Experimental  amplitude  distribution  of  aperture  field  of  the  200  mm 
diameter  RLSA  antenna  for  some  set  of  aperture  efficiency  (AE)  implemented  for 
definite  operation  frequency  of  antenna  with  features  in  Fig.  19.  Solid-line  curve 
(AE  =  -  2dB)  corresponds  to  the  3 1.2-32.4  GHz  operation  band. 

Pattern,  dB  Elevation  Angle,  grad 


Fig.  22.  Measured  pattern  of  the  200  mm  diameter  RLSA  antenna  in  the  electric 
plane  with  side  lobe-level  of  about  -22  dB. 
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Fig.  23.  Experimental  gain  factor  (solid  line)  of  the  RLSA  antennas  in  the  32  GHz 
frequency  band  with  various  diameters  of  aperture  ranged  from  40  to  195  mm. 
There  are  as  well  here  reference  curves  for  100%  and  30%  efficiency  for  radiating 
round  aperture  of  same  diameter. 

Let  note  that  presented  above  results  have  been  obtained  by  using  approximated 
theoretical  models  Avith  some  heuristic  reasons  mainly  due  to  inherent  complexity 
of  presented  problems  from  electrodynamics  point  of  view  when  analyzed 
radiating  systems  is  formed  by  tremendous  amount  of  radiating  slots  with  their 
excitation  by  traveling  wave  inside  radial-line  disturbed  by  slots  in  turn.  So 
synergy  effect  is  dominant  here  that  demands  special  care,  as  well  as  developing 
of  more  exact  electromagnetics  model  to  take  into  consideration  effects  of  slot’s 
mutual  connection  via  internal  waveguide  high-mode  electromagnetic  fields  and 
external  radiated  ones. 

The  inluence  of  tolerances  of  the  slot  width,  slot  length,  geometry  and  properties 
of  dielectric  substrate  (coating)  on  radiating  characteristics  should  be  investigated 
by  statistical  simulation  technique  like  the  Monte-Carlo  method. 

In  general,  one  can  points  out  that  RLSA  antenna  have  common  features  with 
antennas  formed  by  frequency  selective  surfaces  (apertures)  and  RLSA  antenna  is 
very  similar  to  those  antennas  by  its  exterior,  as  well  as  radiation  features.  So 
some  generalized  aspects  of  those  problem  can  be  taken  into  considerations  also 
including  conformal  antenna  implementation  etc. 
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An  Implementation  of  a  0.5  to  2.0  GHz  Circular  360 
Degree  Direction  Finding  Antenna 
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Greenville,  Texas  75403 


Abstract: 

A  Circular  360  degree  direction  finding  (DF)  antenna  was 
previously  presented  at  the  1995  Antenna  Applications 
Symposium  illustrating  the  capabilities  of  a  novel  antenna 
implementation.  Data  was  presented  illustrating  the  accuracy 
of  the  DF  antenna  over  a  full  360  degree  field  of  view  (FOV) 
and  over  the  operational  band  of  2  to  18  GHz .  This  paper 
presents  the  results  for  the  0.5  to  2  GHz  version  of  this 
antenna.  A  comparison  in  mechanical  and  electrical 
characteristics  are  presented. 

The  new  360  DF  antenna  is  larger,  which  reflects  in  the 
lower  frequency  of  operation  as  compared  to  the  previously 
reported  version.  However,  the  angle  of  arrival  (AOA) 
accuracy  is  similar  to  the  2  to  18  GHz  version  at 
approximately  0.75  degrees  RMS.  The  biggest  problem 
encountered  was  the  size  required  for  operation  at  the  0.5 
GHz  frequency.  A  comparison  is  discussed  against  a  standard 
linear  interferometer  operating  in  the  same  frequency  band. 
Performance  issues  are  discussed  as  related  to  installation 
on  mechanical  structures. 

The  results  shown  will  illustrate  the  frequency  scaling  of 
this  design.  Certain  problems  will  be  discussed,  that 
affected  the  DF  antenna  and  prevented  the  performance  at  the 
0.5  degree  RMS  AOA  accuracy  levels. 

1,0  Introduction: 


Several  high  accuracy  direction  finding (DF)  antennas  have 
been  described  in  numerous  papers  and  textbooks  over  the 
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years.  [1]  A  high  accuracy  (0.5  degrees  RMS) ,  2  to  18  GHz, 

360  degree  azimuthal  direction  finding  antenna  was  described 
and  presented  previously  at  the  Antenna  Applications 
Symposium  in  1995.  In  general,  most  DF  arrays  use  low  gain 
elements  such  as  spirals  and  dipoles.  There  are 
interferometers  made  using  medium  gain  horns  for  the 
elements.  These  type  of  elements  are  implemented  in  linear 
interferometers  and  full  360  degree  azimuthal  field  of  view 
DF  systems.  A  comparison  between  linear  interferometers  and 
the  high  accuracy  DF  antenna  was  presented  in  the  previously 
reported  results. 

In  providing  a  full  360  degree  azimuthal  field  of  view  the 
typical  DF  array  consists  of  a  circular  array  where  the 
earliest  types  were  designed  using  low  gain  omnidirectional 
elements.  Siibsequent  investigators  then  looked  at  using 
directional  antennas  in  circular  arrays  and  assessed  them 
for  use  in  DF  implementations .  Many  different  types  of 
elements  and  beamformers  have  been  used  such  as  flared  notch 
radiators  and  N-element  Butler  matrix.  Mixed  polarizations 
have  also  been  investigated  with  varying  degrees  of  success 
requiring  today's  easily  acquired  high  speed  computers. 
Derivations  and  explanations  of  the  synthesis  used  to 
produce  AOA  from  a  circular  array  has  been  previously 
reported  and  will  not  be  repeated  here. 

A  lower  frequency  version  of  the  DF  antenna  is  described  in 
this  paper.  The  frequency  range  of  this  360  degree  circular 
DF  antenna  is  0.5  to  2  GHz.  The  desired  AOA  accuracy  was  0.5 
degrees  RMS  which  was  identical  to  the  original  2  to  18  GHz 
version  of  the  circular  DF  antenna. 

The  circular  DF  arrays  investigated  in  this  paper  are  of  the 
simultaneous  modal  phase  type.  Figure  1  illustrates  the 
different  phase  modes  which  follow  periodic  functions  of  360 
degrees,  i.e.,  N  X  360  degrees,  where  N  is  the  modal  phase 
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Figure  1 .  Modal  Phase  versus  Rotation  Angle 


Figure  2 .  Phase  Only  versus  Amplitude  Only  DF 
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order.  They  are  phase  only  DF  arrays  but  not  amplitude  only 
DF  arrays .  The  phase  modes  are  set  up  using  a  modeformer 
which  can  be  a  Butler  matrix  and/or  a  circular  Rotman  lens 
where  the  modal  phases  are  all  existing  simultaneously.  The 
Butler  matrix  is  quasi -frequency  independent  while  the 
Rotman  lens  is  linearly  dependent  on  frequency.  An 
additional  network  is  required  beyond  the  basic  phase 
modeforming  network  in  order  to  provide  amplitude  DF  which 
is  illustrated  in  Figure  2.  The  RMS  AOA  is  derived  by 
differencing  the  two  simultaneous  modal  phases  which  results 
in  an  azimuthal  angle. 

Measurements  were  collected  and  analyzed  using  phase 
information  only  and  then  both  phase  and  amplitude 
information  combined.  The  readily  available  amplitude 
information  raised  the  issue  of  whether  using  this 
information,  in  addition  to  the  phase  information,  could 
increase  the  AOA  accuracy. 

2.0  Design  of  the  Circular  DP  Array 

The  design  of  this  circular  DF  antenna  is  covered  under 
United  States  patent  pending, [2]  This  design  uses 
commercial  off  the  shelf  hardware  that  basically  consists  of 
elements  and  modeformers.  The  interelement  spacing  is  kept 
less  than  a  half  wavelength  in  order  to  minimize  higher 
order  mode  phase  distortion,  provide  a  compact  and  light 
weight  design,  and  provide  a  full  360  degree  azimuthal  field 
of  view.  This  concept  was  arrived  at  in  two  steps  and  is 
reported  in  the  previous  paper. [1]  The  basic  electrical 
concept  was  verified  with  a  4  element  circular  array  and 
then  with  powers  of  two,  and  for  modeformer  simplicity,  an  8 
element  array  was  designed  and  fabricated  in  order  to  meet 
the  less  than  1  degree  RMS  AOA  accuracy  goal .  Pertinent 
specifications  are  listed  in  Table  I. 


377 


Table  I.  Goal  Specifications. 

Frequency  Range :  0 . 5  to  2  GHz  minimum 
Element  Gain:  7.5  dBli  minimum 
Polarization:  Dual  Linear  as  minimum 
Field  of  View:  Azimuth  -  360  degrees 

Elevation  -  +/-  30  degrees  minimum 
RMS  AOA  Accuracy:  1  degree  maximum 
Ambiguity  Rate:  less  than  5% 

Unambiguous  Data  Rate:  greater  than  90% 

Signal  to  Noise  Ratio:  8  dB  minimum 


The  0.5  to  2  GHz  circular  DF  antenna  was  implemented  with  8 
elements  in  order  to  meet  the  power  of  two  beam  forming 
requirements.  The  modeformer  used  is  an  8  X  8  Butler  matrix 
which  provided  phase  modes  0,  1,  +/-  2,  and  +/-  3.  The 
beamf ormer  limited  the  frequency  range  to  0.5  to  2  GHz . 
Figure  3  illustrates  the  8  element  DF  array.  The  actual 
array  that  was  built  and  tested  is  shown  in  Figure  4 .  Data 
was  acquired  over  the  0.5  to  2  GHz  frequency  range . 


3 . 0  Performance  of  the  Circular  DF  Array 

Measured  data  were  collected  on  every  usable  phase  mode  port 
from  0.5  to  1  GHz  in  approximately  0 . 6  MHz  steps  and  1  to  2 
GHz  in  approximately  1.2  MHz  steps  both  over  360  degrees  of 
azimuthal  field  of  view.  Four  phase  pairs  or  differential 
phases  were  then  constructed.  A  phase  calibration  table  was 
also  constructed.  A  residual  6.1  degree  (one  sigma)  phase 
pair  tracking  error  was  used  as  typical  for  a  post 
calibrated,  wide-bandwidth,  phase-discriminating  receiver. 
Residual  11.1  degree  (one  sigma)  phase  pair  tracking  error 
was  also  used  for  comparison  and  verification  of  the 
analysis.  The  11.1  degree  data  is  not  included  in  this  paper 
due  to  page  limitations.  An  Raytheon  Systems  Company 
proprietary  algorithm  was  then  invoked  using  a  metric  in 
order  to  determine  the  AOA  accuracy. 
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Figure  3.  360  Degree  Eight  Element  DF  Antenna 
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8X8  BUTLER 
MODE FORMER 


Figure  4 


View  of  Low  Band  360  Degree  Eight  Element  DP 
Antenna 
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It  was  recognized,  as  has  been  reported,  that  a  perfect 
array  with  no  coupling  could  provide  a  full  unambiguous  360 
degree  azimuthal  field  of  view.  However,  it  is  also 
recognized  that  in  a  realistic  situation  and  installation 
that  ambiguity  rate  and  RMS  AOA  accuracy  are  driven  by 
element  spacing  and  signal  to  noise  ratio  as  in  a  linear 
interferometer.  The  close  spacing  of  the  elements  which 
increases  the  coupling  between  elements  and  the  non-ideal 
cardioid  radiation  pattern  of  the  elements  cause  the 
additional  error  sources  and  differences  from  the  perfect 
array.  Tradeoffs  are  made  that  affect  all  of  the  above. 

Based  on  the  preceeding,  criteria  were  determined  for 
specifying  a  DF  system  whether  it  be  a  circular  DF  Array  or 
a  linear  interferometer.  They  are  listed  in  Table  II. 

Table  II.  Required  DF  System  Specifications. 

1.  RMS  AOA  over  Frequency. 

2 .  Unambiguous  Data  Rate  over  Frequency . 

3 .  Untagged  Ambiguity  Rate  over  Frequency . 

4.  RMS  AOA  Accuracy  over  Signal  to  Noise  Ratio. 

5.  Unambiguous  Data  Rate  over  Signal  to  Noise  Ratio. 

6.  Untagged  Ambiguous  Data  Rate  over  Signal  to  Noise  Ratio. 

Good  data  is  labeled  as  Unambiguous  Data  Rate,  while  bad 
data  are  Untagged  Ambiguity  Rate.  This  says  that  based  on 
use  of  proprietary  algorithms  and  calibration,  data  can  be 
made  more  accurate  and  false  AOA's  can  be  minimized  and 
identified.  This  has  been  shown  in  the  previous  paper  for 
the  circular  DF  array  operating  over  the  2  to  18  GHz 
frequency  range. [1] 

Measurements  were  made  with  the  circular  array  elements  in 
the  linear  and  slant  linear  polarization  configurations  and 
collected  with  the  transmitter  oriented  in  the  linear,  slant 
linear  and  cross -polarization  cases.  This  type  of  DF  antenna 
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typically  uses  only  the  phase  information  in  determining  AOA 
due  to  the  fact  that  the  amplitude  has  large  variations  over 
frequency  and  angle.  Figures  5  through  7  show  the  phase  and 
amplitude  variation  versus  AOA  for  four  different  modes  of 
the  circular  array  beamformer  at  2  GHz.  The  figure  5 
amplitude  data  is  scaled  by  a  factor  of  100  to  fit  on  the 
plots  and  shows  large  variations.  Figure  5  shows  that  phase 
follows  the  different  phase  slopes  expected  for  each  mode 
with  the  ripple  showing  the  addition  of  phase  errors 
inherent  in  the  system.  Figure  6  illustrates  contour  plots 
of  estimated  AOA  versus  true  AOA.  In  this  case  the  correct 
AOA  is  along  the  diagonal  and  anything  off  diagonal  is  an 
ambiguity  or  false  AOA.  Figure  7  adds  an  additional  third 
axis  for  ambiguity  rate  illustrating  the  desired  ambiguity 
rate  of  less  than  5%. 

The  data  from  figures  8  through  11  uses  phase  information 
only  and  disregards  any  information  that  can  be  derived 
using  the  amplitude  information.  The  data  from  figures  8  and 
9  shows  the  RMS  AOA  accuracy  and  ambiguity  rate  over  the  1 
to  2  GHz  frequency  range  for  a  co-polarized  signal  and  a 
slant  45  degree  polarized  signal.  The  co-polarized  signal 
AOA  accuracy  is  maximum  at  0.9  degrees  and  1 . 8  degrees  for 
slant  45  degrees.  The  average  AOA  accuracy  for  the  co- 
polarized  signal  is  approximately  0.7  degrees,  and  for  the 
slant  45  degree  signal  is  approximately  1.4  degrees.  The 
ambiguity  rate  is  approximately  22%  (ambiguity  rate  times 
100%  on  all  plots)  for  the  co-polarized  signal  and 
approximately  48%  for  the  slant  45  degree  signal.  The 
average  ambiguity  rate  for  the  co-polarized  signal  is 
approximately  5  %  and  for  the  slant  45  degree  signal  is 
approximately  10%.  The  data  from  figures  10  and  11  shows  the 
RMS  AOA  accuracy  and  ambiguity  rate  over  the  0.5  to  1  GHz 
frequency  range  for  the  co-polarized  signal  and  the  slant  45 
degree  polarized  signal.  The  co-polarized  signal  AOA 
accuracy  is  maximum  at  approximately  1.52  degrees  and  1.47 
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Figure  7 .  Plot  of  Ambiguity  Rate  versus  Estimated  and  True 

AOA  at  2  GHz 
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degrees  for  the  slant  45  degrees  signal.  The  average  AOA 
accuracy  for  the  co-polarized  signal  is  approximately  1.1 
degrees  and  for  the  slant  45  degree  signal  is  approximately 
0.9  degrees.  The  ambiguity  rate  is  approximately  10%  for  the 
co-polarized  signal  and  approximately  17.8%  for  the  slant  45 
degree  signal .  The  average  ambiguity  rate  for  the  co- 
polarized  signal  is  approximately  1%  and  for  the  slant  45 
degree  signal  is  approximately  4%.  This  data  does  not  meet 
the  goal  of  1.0  degree  AOA  accuracy  using  phase  information 
only. 

The  data  from  figures  12  through  15  use  both  phase  and 
amplitude  information  in  order  to  increase  the  AOA  accuracy. 
The  data  from  figures  12  and  13  shows  the  RMS  AOA  accuracy 
and  ambiguity  rate  over  the  i  to  2  GHz  frequency  range  for 
the  co-polarized  signal  and  the  slant  45  degree  polarized 
signal.  The  co-polarized  signal  AOA  is  maximum  at  0.66 
degrees  and  0.71  degrees  for  slant  45  degrees.  The  average 
AOA  accuracy  for  the  co-polarized  signal  is  0.42  degrees, 
and  for  the  slant  45  degree  signal  is  0.47  degrees.  The 
ambiguity  rate  is  approximately  6 . 8%  (ambiguity  rate  times 
100%  on  all  plots)  for  co-polarized  signal  and  approximately 
4.3%  for  slant  45  degree  signal.  The  data  of  figures  14  and 
15  shows  the  RMS  AOA  accuracy  and  ambiguity  rate  over  the 
0.5  to  1  GHz  frequency  range  for  the  co-polarized  signal  and 
the  slant  45  degree  polarized  signal.  The  co-polarized 
signal  AOA  is  maximum  at  approximately  1.2  degrees  and  1.38 
for  slant  45  degrees.  The  average  AOA  accuracy  for 
the  co-polarized  signal  is  0.88  degrees  and  for  slant  45 
degree  signal  is  0 . 94  degrees .  The  ambiguity  rate  is 
approximately  zero  or  very  small  for  the  co-polarized 
signal,  and  approximately  2.7%  for  slant  45  degree  signal. 
This  data  meets  the  goal  of  less  than  1.0  degree  AOA 
accuracy  using  phase  and  amplitude  information. 
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Figure  13.  Slant  45  degree,  RMS  AOA  and  Mean  Ambiguity  Rate 
over  1  to  2  GHz,  for  DF  antenna  using  Phase  and  Amplitude 
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The  0.5  to  2  GHz  data  discussed  above  was  generated  using 
the  circular  DF  antenna  configured  as  shown  in  figure  4 . 

This  structure  used  single  polarization  elements  due  to  cost 
constraints  that  prevented  acquisition  of  dual  polarized 
elements.  In  looking  at  the  measurements  reported 
previously,  dual  polarized  elements  had  been  used  and 
extremely  accurate  results  were  obtained.  Based  on  this,  we 
then  went  back  to  the  previous  array  and  measured  the  1  to  2 
GHz  DF  accuracy,  using  the  same  beamformer  shown  on  the 
antenna  shown  in  figure  4 . 

All  parameters,  such  as  residual  phase  error  for  the 
measurements  and  data  analysis  were  the  same  .  Figures  16 
through  21  are  plots  of  the  data  collected  and  analyzed. 
Figure  16  shows  the  RMS  AOA  accuracy  versus  frequency  for 
both  reception  of  a  linearly  polarized  (vertical)  and  a 
slant  45  degree  polarized  signal.  The  RMS  AOA  accuracy  for 
the  linearly  polarized  case  was  of  0.67  degrees  maximum  with 
an  average  of  0.46  degrees.  The  RMS  AOA  accuracy  for  the 
slant  45  degree  polarized  case  was  0.65  degrees  maximum  with 
an  average  of  0.50  degrees.  A  plot  was  made  to  see  how  the 
SNR  changes  with  RMS  AOA  error.  Figure  17  shows  that  20  dB 
SNR  results  in  0 . 5  degrees  RMS  AOA  accuracy,  for  essentially 
one  pulse.  Figure  18  shows  a  residual  phase  error,  or  one 
sigma  phase  error,  versus  SNR  of  6.1  degrees  at  20  dB  SNR 
for  a  single  pulse.  Figure  19  shows  ambiguity  rate  versus 
frequency  from  a  SNR  of  5  dB  to  29  dB  in  3  dB  steps.  The 
second  curve  shows  that  8  dB  SNR  results  in  an  average 
ambiguity  rate  of  approximately  5%  with  a  maximum  of  7.5%. 
Figure  20  shows  an  average  ambiguity  rate  versus  SNR  where 
approximately  4.8%  ambiguity  rate  results  for  an  8  dB  SNR. 
Figure  21  shows  RMS  AOA  accuracy  versus  frequency  where  the 
residual  phase  error  has  been  increased  to  11.1  degrees. 
Again,  SNR  curves  range  from  5  dB  to  29  dB  in  3  dB  steps.  At 
14  dB  SNR,  also  11.1  degree  residual  phase  error,  the 
average  RMS  AOA  accuracy  averages  approximately  1 . 0  degree . 
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RMS  AOA  Error  vs  SNR  -  Vertical 


Figure  17.  RMS  AOA  Error  versus  SNR  (dB) 


One  Sigma  Phase  Error  vs  SNR 


Figure  18 .  One  Sigma  Phase  Error  Versus  SNR  (dB) 


39 


(%)  ejey  AjinSiqiuv 


Figure  19.  Ambiguity  Rate  versus  Frequency,  Vertical 
Polarized  Signal,  1  to  2  Ghz  Using  Dual  Polarized  Element 


Ambiguity  Rate  vs  SNR  -  Vertical 
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This  data  suggests  that  the  elements  used  in  the  2  to  18  GHz 
circular  DF  antenna,  now  used  in  the  1  to  2  GHz  frequency 
range,  are  much  closer  matched  to  each  other  in  phase  and 
amplitude.  These  elements  track  each  other  closer  than  the 
elements  used  in  the  0.5  to  2  GHz  antenna. 

The  size  of  the  high  accuracy  0.5  to  2  GHz  Circular  DF  array 
was  40  inches  in  diameter  by  approximately  16  inches  in 
height.  The  size  of  the  1  to  2  GHz  circular  DF  antenna, 
which  actually  is  a  1  to  18  GHz  DF  antenna,  is  still  24 
inches  in  diameter  and  approximately  8  inches  in  height. 

The  data  presented  shows  RMS  AOA  accuracy  of  0.71  degrees 
approximated  on  the  high  side  to  0.75  degrees.  This  was  done 
to  account  for  additional  variations  in  noise  over  the  0.5 
to  2  GHz  frequency  range. 

A  generic  4  or  5  element  linear  interferometer  would  have 
the  typical  specifications  illustrated  in  Table  III.  The 
linear  interferometer  has  elements  spaced  at  judiciously 
selected  multiples  of  half  wavelengths.  This  is  used  for 
comparison  to  the  circular  DF  array.  The  assessment  is  that 
the  linear  interferometer  is  an  extremely  high  accuracy  AOA 
antenna  over  a  limited  field  of  view. 

Table  III.  Generic  Linear  Interferometer 
specifications . 

Frequency  Range :  0.5  to  2  GHz 
Element  Gain:  0.0  dBi  minimum 
Polarization:  Single 

Field  of  View:  Azimuth  -  +/-  60  degrees 

Elevation  -  +/-  45  degrees 
RMS  AOA  Accuracy:  0.6  degrees  maximum 
Ambiguity  Rate:  less  than  0.1% 

Signal  to  Noise  Ratio:  8  dB  minimum 
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The  real  estate  required  to  install  an  linear  interferometer 
is  greater  than  that  required  for  a  circular  DF  array.  The 
size  of  the  high  accuracy  circular  DF  array  was  40  inches  in 
diameter  by  14  inches  in  height . 

4.0  Implementation  Issues 

In  all  configurations  of  apertures  evaluated,  a  Butler 
beamformer  is  desired  since  it  is  simultaneous,  quasi 
compact,  and  already  exists.  Low  Noise  amplifiers  should  be 
installed  to  overcome  the  insertion  loss  incurred  through 
the  Butler  matrix.  Filters  can  be  added  to  keep  out-of-band 
interference  minimized.  Available  COTS  Butler  matrix 
(beamformer) ,  switches,  LNA' s  and  filters  should  be  used  in 
the  actual  installations.  Using  COTS  available  hardware  is 
the  most  cost  effective  implementation. 

The  low  noise  amplifiers  used  must  be  evaluated  and  adjusted 
in  order  to  optimize  and  maximize  sensitivity,  and  2nd  and 
3rd  order  spur  free  dynamic  ranges,  based  on  the 
requirements  of  the  installation. 

Calibration  is  extremely  important  for  providing  accurate 
AOA  especially  at  and  below  1  GHz.  Structural  interactions 
will  exist.  This  needs  to  be  considered  in  the  measured 
modal  phase  data,  based  on  the  installation  requirements. 

The  calibration  data  is  used  to  take  out  known  sources  of 
systematic  phase  bias  errors  such  as  interference  from  other 
structures . 

With  regard  to  specifications,  it  is  extremely  difficult  to 
specify  the  DF  array  separately  from  the  DF  processor.  The 
reason  is  that  both  are  intertwined  in  determining  AOA 
accuracy  and  sensitivity  of  a  system  and  are  highly  reliant 
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on  the  proprietary  algorithms  and  calibration  techniques 
that  are  utilized. 

The  light  weight  and  simplicity  of  this  design  allow  for 
endless  installations  in  ground  based,  mobile  and  airborne 
systems.  Different  frequency  bands  of  operation  are 
presently  being  prototyped  using  a  multitude  of  different 
dual  polarization  elements,  A  new  Raytheon  Systems  Company 
coaxial  antenna.  United  States  Patent  Pending,  is  being  used 
in  a  new  DF  antenna  which  will  result  in  a  12  inch  diameter 
and  height  of  6  inches  operating  over  the  2  to  18  GHz 
frequency  band.  [3],  Other  designs  have  been  designed  for 
operation  to  and  including  60  GHz  and  as  low  as  400  MHz. 

5.0  Conclusion 

Raytheon  Systems  Company  has  developed  a  360  Degree  Azimuth 
DF  antenna  using  COTS  hardware.  It  was  designed  to  operate 
from  0.5  to  2  GHz  with  a  goal  of  1.0  degree  RMS  AOA 
accuracy.  An  antenna  prototype  has  been  tested  and  evaluated 
using  proprietary  algorithms,  resulting  in  a  maximum  0.71 
degree  RMS  AOA  accuracy  with  an  average  of  approximately  0.5 
degrees.  This  antenna  is  approximately  40  inches  in  diameter 
and  14  inches  in  height .  It  is  dual  linearly  polarized  with 
two  polarization  configurations  possible.  The  ambiguity  rate 
meets  the  maximum  requirement  of  5%  from  high  SNR  to  a  low 
SNR  of  8  dB.  Normal  operation  is  in  the  14  to  20  dB  SNR 
range . 

This  aperture  installation  is  also  expected  to  save  weight 
due  to  a  simplified  mounting  structure.  The  antenna  aperture 
has  higher  gain  that  translates  into  larger  detection  range. 

In  all  configurations  of  apertures,  a  Butler  beamformer  is 
recommended  since  it  is  simultaneous,  quasi  compact,  and 
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already  exists.  The  performance  of  the  proposed  aperture  is 
better  than  the  specified  goals. 


Implementation  issues  were  addressed  with  regards  to  using 
COTS  hardware .  Sensitivity  improvements  to  overcome  Butler 
matrix  insertion  loss  were  discussed  with  regard  to 
appropriate  situational  selection  of  amplifiers  and  filters. 
Calibration  was  also  addressed  as  a  means  of  increasing 
accuracy  and  accounting  for  known  error  sources. 

The  basic  circular  DF  array  design  is  easily  scaled  to  other 
frequency  bands  that  are  being  prototyped.  Due  to  the  light 
weight  and  simplicity  of  this  antenna,  installations  are 
essentially  endless  for  different  ground  based,  mobile,  and 
airborne  systems.  A  12  inch  diameter,  2  to  18  GHz  DF  antenna 
is  presently  under  construction. 
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Abstract  :  Source  separation  is  a  subject  of  great  interest  for  numerous 
applications,  among  which  is  the  improvement  of  the  coherence  bandwidth 
in  digital  transmissions.  In  this  paper,  a  spatial  filtering  method  based  on 
the  knowledge  of  collocated  antenna’s  responses  is  proposed  to  reach  this 
goal.  The  applications  are  related  to  the  HF  band  (3-30  MHz).  The 
performances  of  the  method  are  compared  with  those  of  a  well  known 
second  order  blind  technique.  Both  theoretical  and  experimental  results  are 
presented  to  illustrate  this  new  technique. 

1.  Introduction 

Source  separation  can  be  set  up  with  different  techniques.  Most  of  them  use 
antenna  arrays  whose  sensors  are  spatially  distributed.  Signal  filtering  requires  an 
estimation  of  the  steering  vectors,  which  can  be  achieved  in  two  different  ways  : 
estimating  the  angles  of  arrival  (AO A)  or  resorting  to  a  blind  technique. 

Recently,  a  method  of  direction  finding  has  been  developed  which  operates  on  an 
heterogeneous  array  [1],  that  is  to  say  an  array  made  up  of  different  antennas. 
The  classic  MUSIC  algorithm  is  applied,  resorting  however  to  a  particular 
expression  of  the  normalized  steering  vector  and  assuming  that  a  reliable  model 
yields  the  complex  directional  responses  of  the  sensors.  Experimental  validations 
have  been  carried  out  in  the  H.F.  band,  demonstrating  for  example  that  a  3-D 
direction  finding  can  be  achieved  with  a  linear  array  provided  it  is  heterogeneous 
[2]. 
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This  technique  is  extrapolated  to  a  system  made  up  with  different  collocated 
antennas  :  the  space  diversity  is  then  replaced  by  the  diversity  of  the  antenna 
responses.  A  convenient  choice  of  the  antennas  geometry  minimizes  their  mutual 
coupling  while  optimizing  their  diversity.  It  has  been  successfully  tested  in 
direction  finding  with  broadcast  transmitters  more  than  700  km  away  [3]. 

The  possibility  of  separating  the  multiple  sources  which  are  induced  by  the 
ionospheric  channel  is  examined  in  this  paper,  resorting  to  two  different  methods 


-  the  first  one  estimates  the  steering  vectors  whose  components  are  the 
antenna  responses  computed  for  the  AOA  of  each  path,  and  then  applies 
spatial  filtering  using  the  classic  least  mean  square  method.  Such  a 
technique  had  been  applied  in  1986  using  a  tripole  antenna  [4] ;  however, 
the  direction  finding  algorithm  was  not  fully  efficient  because  of  the  small 
number  of  sensors. 

-  the  second  one  is  a  blind  technique  [5,  6]  for  which  the  knowledge  of 
the  antenna  responses  is  not  necessary. 

This  paper  presents  the  vectorial  signal  model  used  and  some  theoretical  as  well 
as  experimental  results  using  these  two  techniques. 

2.  Signal  model  including  propagation  and  antenna  effects 

2.1.  The  scalar  model 

The  general  model  of  propagation  for  HF  links  (3-30  MHz)  is  based  on  optical 
geometry.  If  the  transmitted  signal  is  assumed  to  be  in  the  following  form ; 

e(t)  =  m(t).e^-^^  (1) 

where  Tn(t )  represents  the  modulation  of  the  signal  and  g>^  is  the  carrier  angular 

frequency,  the  received  signal,  for  narrow  band  and  for  the  k*  mode  of 
propagation,  can  be  expressed  as  [7,  8] : 
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where  the  attenuation  related  to  the  A**  mode,  is  the  group  delay 
corresponding  to  the  mode,  is  the  received  angular  frequency  including 
the  Doppler  shift,  represents  the  phase  delay  for  the  considered  mode. 

2.2.  The  field-signal  relations  in  HF  propagation 

Maxwell  equations  induce  a  dispersion  equation  from  which  the  phase  indexes 
(for  the  O  and  X  modes)  and  the  polarization  relations  can  be  defined.  At  the  exit 
of  the  ionosphere  (at  an  altitude  of  about  90  km)  the  polarization  relations  are 
given  by  the  limit  relations  of  Budden  [9]. 

Let  us  consider  a  receiving  antenna.  In  a  general  form,  the  electric  field  related  to 
an  incoming  wave  is  expressed  as  a  three  component  vector  E(t)  ;  hence  the 
signal  s(t)  at  the  output  of  an  antenna  can  be  expressed  as  a  vectorial  product : 

s(t)=M.E(t)  (3) 

Where  Af  is  a  matrix  which  characterizes  the  antenna  response. 

Since  the  components  Ei(t),  E2(t)  and  EsO)  of  the  electric  field  can  be  written  in 
the  following  form  according  to  the  polarization  relations ; 

Ei(t),  E2(t)=^aEj(i),  Es(t)=bEi(t)  (4) 

the  signal  can  be  expressed  as  : 

s(t)  =  (M,  +aM,  ■^hM.yE.it)  (5) 

The  scalar  term  E^(t)  contains  all  the  propagation  effects  as  developed  in 
section  2.1. 

If  the  coefficients  of  M  are  function  of  the  directions  of  arrival  (azimuth  and 
elevation)  the  notion  of  antenna  diversity  can  be  introduced  ;  on  the  other  hand  if 
a  and  h  are  function  of  the  directions  of  arrival,  a  polarization  diversity  can  be 
defined.  In  general  this  dependence  will  be  noted  M(0)  or  a(0)  and  b(0).  In  the 
HF  band  these  two  forms  of  diversity  must  be  considered  :  the  coefficients  of  M 
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are  related  to  the  type  of  antenna  and  the  a  and  b  terms  depend  on  the  angle 
between  the  geomagnetic  field  and  the  direction  of  propagation  of  the  wave  [10], 

This  expression  is  generally  written  in  a  compressed  form  as  [3] : 

s(t)  =  F(9).E,(t)  (6) 

The  F(6)  complex  function  is  named  the  anteima  response  function.  It  can  be 
obtained  fi-om  physical  laws  [10,  11]  or  with  the  help  of  simulations  [12],  The 
ground  effect  in  the  area  of  the  sensor  can  be  included  in  the  computation  of  the 
F(9)  function  [10],  In  the  HF  band  this  function  is  also  related  to  the  geographic 
characteristics  of  the  considered  link  [10], 

23.  The  vectorial  model 

The  inhomogeneity  and  the  anisotropy  of  the  ionosphere  induce  multipath  and 
multimode  propagation.  The  formula  mentioned  above  for  a  receiving  antenna 
can  also  be  applied  for  a  transmitting  antenna ;  thus,  a  general  expression  for  the 
received  signal  can  be  written  as : 

k 

where  k  identifies  the  paths,  Gik  is  the  complex  function  of  the  transmitting 
antenna  /  and  Ftu  is  the  complex  function  of  the  receiving  anteima  /.  Ak 
characterizes  the  attenuation  of  the  wave  corresponding  to  the  ifc'*  mode,  ni(t)  is 
additive  noise. 

If  the  type  of  the  transmitting  antenna  is  unknown,  the  received  signal  can  be 
simplified  as ; 


k 


+  n^(t) 


(8) 


In  this  case,  Bk  and  Sk  take  into  account  the  effects  of  propagation  and  the  effects 
of  the  transmitting  antenna  via  the  complex  value  of  Gik. 
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For  an  array  of  NC  collocated  antennas  the  vectorial  expression  of  the  received 
signal  becomes ; 


=‘J0  =  'EF„s„(t)  +  n,(t)  i  =  I . NC 


(9) 


k=l 


where : 

-  Sri^t)  :  is  the  signal  relative  to  the  k*  mode, 

-  ns :  is  the  number  of  modes. 


24.  Example  of  signals  obtained  with  collocated  antennas 

A  collocated  antenna  array  system  (figure  1)  has  been  set  up  in  the  field  station  of 
the  University  of  Rennes  (Monterfil,  lat ;  48°  03’  N,  long  :  2°  00’  W).  It  includes 
seven  active  antennas  (3  loops,  1  vertical  dipole,  2  inverted  V,  1  XYZ  antenna) 
connected  to  seven  coherent  receivers  [13].  These  receivers  can  operate  with  a 
very  narrow  bandwidth  (10  Hz)  or  with  a  3  kHz  bandwidth,  in  order  to  analyze 
carrier  signals  or  modulated  narrow  band  signals. 

Figure  2  shows  an  example  of  the  received  carrier  signals,  plotted  over  50 
seconds,  at  the  output  of  the  receivers  in  the  case  of  a  Skelton  (United 
Kingdom)-Monterfil  Unk.  Figure  3  represents  simulated  signals  for  the  same  link 
under  similar  propagation  conditions.  The  envelopes  of  the  carrier  signals  appear 
to  be  decorrelated,  as  expected  according  to  the  previous  relations. 

3.  Source  separation  operating  on  a  set  of  collocated  antennas 

The  vectorial  expression  of  the  data  at  the  output  of  the  antennas  can  be  written 
in  the  following  form  : 


X(t)  =A(0) .  S(t)  +N(t) 


(10) 


where ; 


X(t)  denotes  the  observation  vector  obtained  on  the  collocated  antennas, 
S(t)  is  the  signal  vector  corresponding  to  the  different  modes, 

A(0)  represents  the  steering  vector  matrix. 
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Figure  2  :  Measured  signals  on  collocated  antennas 
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Simulated  signals  on  collocated  antennas 


N(t)  is  an  additive  noise  vector.  The  components  of  this  vector  are 
assumed  to  be  temporally  and  spatially  white,  zero-mean,  and  independent 
of  the  signal  vector  components. 

The  goal  of  the  filtering  is  to  determine  the  S(t)  vector  from  the  measurements 
X(t).  The  main  difficulty  is  to  estimate  the  steering  vectors  defined  by  the  matrix 
A(6).lci  the  context  of  a  collocated  antenna  array,  the  components  ofA(6)  are 
the  functions  Fi(0). 

31.  Determination  of  the  directions  of  arrival 

An  original  method  to  determine  the  directions  of  arrival  has  been  proposed  and 
tested  experimentally  [13,  14].  It  is  based  on  the  knowledge  of  the  antenna 
responses.  This  technique  has  been  mapped  on  heterogeneous  arrays  and  on 
collocated  arrays.  The  array  manifold  depends  not  only  on  the  geometry  but  also 
on  the  directivity  function  of  the  sensors. 

Under  these  conditions,  it  becomes  feasible  to  find  the  directions  of  arrival  with  a 
small  array  aperture,  and  even  with  collocated  antennas  for  which  the  phase 
center  is  the  same  for  all  the  sensors.  The  theory  of  these  techniques  is  developed 
in  the  references. 

As  an  illustration,  figure  4  shows  the  variations  of  the  estimated  azimuth  for  both 
O  and  X  modes  over  approximately  11  hours  for  a  European  link  (Hamburg 
(Germany)-Monterfil)  obtained  with  the  collocated  antenna  array.  In  this 
application  the  MUSIC  algorithm  is  applied.  The  computation  of  the  pseudo¬ 
spectrum  is  done  using  steering  vectors  related  to  the  normalized  antenna 
responses  [14]. 

This  technique  includes  the  computation  of  two  pseudo-spectra  related  to  both  O 
and  X  modes  and  consequently  the  determination  of  the  angles  for  these  two 
modes  of  propagation. 

32.  Source  separation 

The  general  processing  algorithm  is  shown  on  figure  5.  Initially,  the  components 
of  matrix  A(0)  are  estimated  ;  then  a  spatial  filter  is  realized  by  applying  the  least 
mean  square  method  to  these  estimated  values.  Then  the  observed  signals  on  the 
collocated  antennas  are  spatially  filtered  to  achieve  source  separation. 
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Figure  5  :  Filtering  algorithm 


The  mathematical  expression  of  the  estimated  signals  is  : 


S(t)  =  (A(0)*.A(0))-‘  .A(9)*.X(t)  (1 1) 

or 

S(t)^W(0).X(t)  (12) 

where  W(6)  is  the  optimum  filter  to  minimize  the  quadratic  error.  The  *  sign 
denotes  the  conjugate  transpose. 

In  this  paper,  two  methods  are  presented  to  estimate  the  components  of  matrix 

m 


-  for  the  proposed  method  the  terms  of  matrix  A(0)  are  the  values  of  the 
antenna  responses  computed  fi-om  the  estimated  AOA  (resorting  to  the 
MUSIC  algorithm), 

for  the  blind  method,  a  classic  second  order  identification  is  applied  to 
the  signals,  assuming  that  the  powers  of  the  signals  related  to  the 
different  modes  vary  independently  in  time.  For  this  method  the 
knowledge  of  the  antenna  responses  is  not  necessary  and  cannot  be 
deduced  from  the  algorithm. 

To  compare  these  two  methods,  simulations  were  carried  out  for  the  two 
different  bandwidth  measurements  with  data  given  in  table  1. 


Very  narrow  band 

Narrow  band 

IF  Frequency  , 

5Hz 

30  KHz 

160  Hz 

40  KHz 

Acquisition  time 

51.2  s 

204.8  ms 

Emitter 

Skelton  (UK) 

Frequency 

12.095  MHz 

10.101  MHz 

Modulation 

AM 

AFSK 

Bandwidth 

lOHz 

3KHz 

Ground  range 

723  km 

1070  km 

Geometrical  azimuth 

-5° 

47° 

Table  1 :  Measurement  configurations 
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The  antenna  responses  are  computed  by  the  NEC2D  software  which  takes  into 
account  the  ground  effect  and  the  coupling  between  the  antennas. 

In  the  signal  model,  a  differential  Doppler  shift  and  a  differential  time  delay  are 
introduced.  The  Doppler  is  related  to  the  angle  of  elevation  deduced  fi’om 
measurements  [7]. 

Figure  6a  shows  the  simulated  signals  on  the  seven  antennas.  Figure  6b  represents 
the  Eigen  values  of  the  data  covariance  matrix,  showing  in  this  case  that  two 
modes  are  present  (as  introduced  in  the  simulation).  The  figures  6c  and  6d 
represent  the  two  pseudo  spectra,  for  the  O  and  X  mode,  obtained  with  the 
MUSIC  algorithm,  fi’om  which  the  angle  of  arrival  can  be  estimated.  The  filtered 
signals  obtained  with  the  two  methods  are  plotted  on  figures  7a  and  7b. 

In  this  case  where  no  errors  are  generated  in  the  simulation  in  the  antenna 
functions,  it  can  be  seen  that  the  proposed  spatial  filter  seems  to  reduce 
considerably  the  time  fading  of  the  signals.  In  addition  the  determination  of  the 
differential  Doppler  shift  gives  the  expected  result  (figure  7c  and  7d). 

Figures  8  and  9  are  related  to  the  case  where  errors  of  phase  and  amplitude,  on 
the  antenna  responses,  are  introduced  in  the  processing.  Consequently,  the 
performances  of  the  proposed  method  are  reduced.  If  the  errors  are  too  important 
(more  than  20%  on  the  relative  amplitude  and  20°  on  the  phase),  the  blind 
method  becomes  more  efficient  as  it  does  not  need  the  knowledge  of  the  antenna 
responses. 

For  3  KHz  band  signals  the  blind  method  seems  to  be  more  efficient  if  the 
product  bandwidth  by  differential  time  delay  is  large  enough.  Currently  the  blind 
algorithm  assumes  the  signals  to  be  decorrelated.  However,  additional  studies 
should  be  done  before  a  reliable  conclusion  is  drawn. 

Three  experimental  results  are  listed  in  this  paper. 

The  first  one  is  related  to  the  case  of  very  narrow  band  analysis.  Figures  10  and 
1 1  show  that  the  proposed  spatial  filter  gives  better  performances  than  the  blind 
technique.  The  differential  Doppler  shifts  extracted  from  the  filtered  signals  are 
coherent  for  the  two  methods,  which  give  similar  results.  The  opposite  signs  are 
due  to  different  classifications  of  the  signals  for  the  two  methods. 
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The  second  one,  shown  in  figures  12  and  13,  involves  signals  which  were 
acquired  some  minutes  later.  The  time  fading  period  is  larger  than  in  the  first 
case,  indicating  a  stronger  correlation.  Under  this  condition,  the  blind  separation 
method  appears  inefficient,  whereas  the  proposed  spatial  filtering  method  keeps 
on  giving  satisfying  results  confirmed  by  the  Doppler  shift  estimation. 

For  transmission  of  modulated  data  (figures  14  and  15),  the  proposed  spatial 
filtering  method  seems  to  be  more  efficient  ;  this  can  be  due  to  a  strong 
correlation  coefficient.  The  spectra  of  the  different  signals  are  typical  of  the 
AFSK  modulation  (figures  15c  and  15d).  The  differential  time  delay  is  correctly 
determined  with  the  proposed  method  while  the  value  seems  to  be  false  for  the 
blind  method  (figures  15e  and  15f). 

4.  Conclusion 

The  feasibility  of  source  separation  based  on  an  array  of  collocated  antennas  has 
been  demonstrated.  Experimental  measurements  show  that  the  proposed 
technique  may  give  better  results  than  the  tested  blind  technique.  However,  this 
new  method  must  be  tested  on  more  links  before  being  implemented 
operationally. 

This  method  could  also  operate  in  other  frequency  bands  and  for  other 
applications  such  as  for  mobile  radio  operating  in  the  UHF  band. 


The  design  of  a  collocated  antenna  array  induces  some  new  aspects  in  antenna 
definition.  Indeed,  the  direction  finding  method  and  the  spatial  filtering  processing 
depend  on  the  phase  antenna  responses  which  are  usually  not  taken  into  account 
in  system  designs. 
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Simulated  senas  on  collocated  antennas 


b :  Eigen  \alue  dtsti3)ution 


Figure  6a 

Figure  6b 

c  PSSPX  of  Skelton 

d  PSSPO  of  Skelton 

Figure  6c 


Figure  6d 


Figure  6  :  Simulated  results 

The  configuration  is  :  1  X  mode  (tgi  =  4.0  ms,  Elj  =  30°,  APj  =  1.1) 
and  1  O  mode  (Tgj  =  4.5  ms,  Elj  =  40°,  APj  =  0.9 ).  There  are  no 
antenna  response  errors  ;  A'F(Fik)  =  0°  and  AM(Fik)  =  0  %. 


21 


Dfiretitial  doppler  shiS 


a :  Fibeied  s%t^  (MS  T  method) 


b :  Filtered  signals  method) 


Figure  7a 


Figure  7b 


c  :  Di&rential  doppler  s  hit  (MJS  E  method) 


d :  DiSrenttal  doppler  shif  (BIM>  method) 
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Figure  7d 


Figure  7  :  Simulated  results 

The  estimated  modes  are  :  1  X  mode  (Azj  =  -5°,  Elj  =  30°)  am 
1  O  mode  (Az,  =  -5°,  EL  =  40°). 


a :  Smutated  s^is  on  collocated  antennas 
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Figure  8c 


b :  Eken  ^alue  dctribution 
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Figure  8a 

Figure  8b 

c  PSSPX  of  Skelton 

d  PSSPO  of  Skelton 

Figure  8d 


Figure  8  :  Simulated  results 


The  configuration  is  :  1  X  mode  (xgj  =  4.0  ms,  Elj  =  30°,  APj  =1.1) 
and  1  O  mode  (xgj  =  4.5  ms,  Elj  =  40°,  APj  =  0.9).  The  antenna 
response  errors  are  :  A'F(Fik)  =  ±  10°  and  AM(Fik)  =  ±  10  %. 
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a :  Fflteied  signals  (MUS E  method)  b :  Filtered  signals  (BUND  method) 
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Figure  9a 


Figure  9b 


c :  Difbiential  doppler  slnf  (MS  E  method) 
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d :  Di£iential  doppier  slnl  (BUM)  methocb 
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Figure  9  :  Simulated  results 

The  estimated  modes  are  :  1  X  mode  (Azj  =  1°,  Elj  =  33°)  and 
1  O  mode  (Azj  =  -1°,  Elj  =  33°). 
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d :  Di£iential  doppler  shif  (BUND  method^ 
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Figure  11 :  Experimental  results  for  the  Skelton-Monterfil  link 

The  estimated  modes  are  :  1  X  mode  (Azj  =  -4°,  Elj  =  15°)  and 
2  O  modes  (Azj  =  -5°,  Elj  =  14°,  Az^  =  -5°,  El,  =  20°). 
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Figure  12  :  Experimental  results  for  the  Skelton-Monterfil  link 
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b :  Eigen  'uhie  distiibution 
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Figure  14 :  Experimental  results  for  the  Hamburg-Monterfil  link 
The  estimated  modes  are  :  1  X  mode  (Azj  =  42°,  Elj  =  32°)  and 
1  O  mode  (Az,  =  30°,  EI2  =  18°). 
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STUDY  OF  AERIAL  TARGET  RADAR  RECOGNITION  BY 
METHOD  OF  BACKSCATTERING  COMPUTER  SIMULATION 


Ja.  D.  Shirman,  Kharkov  Military  University  (Ukraine,  Kharkov) 

S.A.  Gorshkov,  Military  Academy  of  Belarussia  Republic  (Belarussia,  Minsk) 

S.  P.  Leshenko,  Kharkov  Military  University  (Ukraine,  Kharkov) 

V.  M.  Orlenko,  Kharkov  Military  University  (Ukraine,  Kharkov) 

Abstract:  A  definite  experience  of  the  computer  simulation  of  concrete  aerial  radar  target’s 
backscattering  is  accumulated  for  centimeter  and  decimeter  wavebands.  On  this  base  a  number  of 
the  radar  recognition  problems  has  been  studied,  namely:  simulation  of  aerial  target’s  signatures; 
simulation  of  recognition  signal  processing;  peculiarities  of  backscattering  and  signature  simulation 
in  case  of  time-extended  signals.  Use  of  designed  simulation  methods  in  R&D  of  radar  systems 
unconnected  with  recognition  is  briefly  discussed  in  conclusion. 

1.  Introduction 

Radar  Recognition  Versions  are  widely  discussed  now.  However,  it’s  difficult  to  compare  them 
numerically  without  using  various  target  backscattering  data. 

The  possibilities  of  physical  simulation  of  backscattering  [1-3]  are  limited  .  It’s  very  hard  to  simulate  the 
variety  of  characteristics,  orientations  and  positions  of  a  large  number  of  targets,  for  the  time-extended 
signals  especially. 

Uptodate  computer  simulation  of  backscattering  isn’t  simple  also.  The  programs  have  to  take  jointly  into 
account: 

•  Electrodynamics  of  backscattering  of  various  real  radar  targets  in  various  orientations  and 
positions; 

•  Variety  of  probing  signals; 

•  Existence  of  target  moving  parts; 

•  Peculiarities  of  target  motion  in  calm  and  turbulent  atmosphere. 

Nevertheless,  the  computer  simulation  is  worthwhile.  It  can  substitute  expensive  natural  experiments  in 
the  initial  steps  of  the  recognition  system  R&D  [2-  5]. 


2.  Methods  and  results  of  Backscattering  Computer  Simulation 

Our  program  approximately  simulates  the  centimeter  and  decimeter  wave  reflections  from  the  "shining" 
elements,  now  of  1 1  none-stealth  aerial  targets.  These  targets  are: 
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•  Ai^lanes  Tu-16  B-52,  B-IB,  Mig-21.  F-15.  Tornado,  An-26; 

•  Helicopter  AN-64; 

•  Cruise  missiles  ALKM,  GLKM; 

•  Decoy-missile  with  the  Luneberg  lens  reflector  in  the  nose  part. 


of  target’s  airframe  is  performed  on  the  basis  of  its  drawing.  The  target  surface  is 


Straight  or  bended  wedges; 
Double  curved  surfaces; 


Cone,  truncated  cone,  cylinder,  torus,  ogive,  plate  etc. 


Total  number  of  such  surfaces  N  depends  on  the  target  type  and  varies  in  the  limits  of  60-200. 
The  shade  effects  and  mirror  reflection  effects  are  taken  into  account. 

In  EigJ.  the  following  coordinate  systems  using  in  calculations  are  shown; 


•  Radar  system  with  origin  at  the  point  O  , 

^  radar; 

•  Target  system  with  origin  at  the  point  O 

•  Local  systems  with  origins  at  the  points  O  .  (/  =1,2, 


Reflected  signals  are  calculated  by  superposition  of  reflections 
elements.  Equations  of  Fig.  2  account; 


from  separate  unshaded  "brilliant' 


•  Signal  space-time  and  polarization  transformations- 

•  Receiver  matched  intrapulse  processing. 


Aeorefcatre^Tt^n?  h  '-^*1  *"^''°'i“ced  ?n  the  basis  of  known 

lesults  are  also  used  forSri^n';? Smfoim'fp^^^^^^^  ^"P^rimental 


•  Target  type; 

•  Initial  target  range,  flight  velocity  and  orientation  (course,  pitch  and  roll  angles); 

•  Type  and  bandwidth  of  probing  signal  modulation; 

•  Kinds  of  polarization  in  transmission  and  reception; 

•  Existence  and  parameters  of  the  target  rotating  parts; 

•  Existence  and  parameters  of  interaction  between  the  "target  and  turbulent  atmosphere". 
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3.  Backscattering  Computer  Simulation  and  Recognition  Problems 

Backscattering  Computer  Simulation  simplifies  the  solution  of  many  of  Recognition  Problems.  It  ensures 
the  reasonable  choice  of: 

•  Alphabets  of  target  classes  or  types; 

•  Recognition  Signatures  and  their  combinations; 

•  Probing  Signals; 

•  Decision  Rules; 

•  Rational  Tolerances  for  Radar  Subsystems  (Antennas,  Feeders,  Transmitters,  Receivers,  Processors). 

Backscattering  Computer  Simulation  can  be  used  for  Study  of  Recognition  both  of  Target  Classes  and 
Target  Types.  We’ve  been  using  it  mainly  for  Study  of  Target  Class  Recognition  (in  reference  to 
Multipurpose  Radar  with  the  short  Time  of  "Radar-  Target"  Contact).  Target  Type  Recognition  is  now 
also  being  studied. 

4.  Simulation  of  Aerial  Target  Radar  Signatures 

Simulation  technique  been  developed  is  sufficiently  universal.  It  can  be  used  in  radiation  of  various 
Signals:  Narrowband,  Multifrequency  and  Broadband.  There  is  ensured  simulation  of  different  Target 
Signatures: 

•  Radar  Cross  Sections  or  their  averaged  values  for  various  signals; 

•  Other  Polarization  Matrix  Elements; 

•  Secondary  (Turbine  and  Propeller)  Modulation  Spectrums; 

•  Fluctuation  Correlation  Factors  of  two  or  more  Reflected  Signals  on  near  carrier  frequencies 
via  frequency  detunings; 

•  Fluctuation  Correlation  Matrices  on  various  Frequencies  and  kinds  of  Polarization; 

•  Target  Range  Profiles  which  are  obtained  in  the  broadband  radar  owing  to  high  range  resolution; 

•  Target  Range-Polarization  Profiles  which  are  obtained  in  broadband  radar  owing  to 

•  \¥hoie  Polarization  Transmission  and  Reception  or 

•  transmission  and  only  Amplitude  Reception  on  Different  kinds  of  Polarization; 

•  Target  Range-Frequency  Images  which  are  obtained  in  broadband  radar  owing  to  supplementary 
frequency  resolution  realized  due  to  a  definite  increase  of  "radar-target"  contact  time; 

•  Target  Azimuth-Range  Images  which  are  obtained  in  broadband  radar  owing  to  a  considerable 
increase  of  "radar-target"  contact  time; 

Examples  of  simulated  Distributions  of  Amplitudes  of  Narrowband  Signals  reflected  by  the  targets  of 
various  types  are  shown  in  Fig.  5.  Let  us  notice  that  reliable  Cross  Section  experimental  data  we  had  for 
only  one  target.  Disagreement  of  its  simulated  and  experimental  Values  made  0...2,5  dB  for  the 
majority  of  aspect  angles  [2, 4]. 

Examples  of  simulated  Secondary  Modulation  Spectra  of  turbo-jet,  turbo-prop  and  helicopter  targets 
for  wavelength  of  5  cm  and  pulse  repetition  frequency  of  12  kHz  are  shown  in  Fig.  6  (see  also  [9,10]  about 
Secondary  Modulation  Spectra  variants,  which  also  can  be  simulated). 

Example  of  Fluctuation  Correlation  Factor  dependencies  of  Reflected  Signals  on  near  carrier 
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frequencies  via  their  frequency  detuning  is  shown  in  Rga  (see  also  [1]  about  their  use  and,  more 
generally,  about  the  use  of  Fluctuation  Correlation  Matrices  on  various  Frequencies  and  Polarization). 

Examples  of  simulat^  Range  Profiles  of  various  targets  are  shown  in  Let  us  notice  that  the  real 
10  of  f  observed  for  the  first  time  on  our  Chirp  Radar  with  70  MHz  Bandwidth  in 

1^63-1964  [1 1-12]  and  repeatedly  obtained  then  on  other  modified  radar  models. 

f  f  Raoge-Polarization  Profiles  including  Cross-Polarization  ones  have  been 
observed.  See  also  [13-15]  about  range  profiles,  and  [2,16]  about  range-polarization  profiles. 

Example  of  simulated  Ranp-Frequency  Image  is  shown  inFjg.  9  for  the  plane  An-26  observed  at  aspect 
ang  e  of  30°  .  Range  scale  in  FigJ  is  vertical,  and  frequency  scale  is  horizontal.  On  a  level  with  plane 

ength  and  structure  (the  nose  part  AT,  the  tail  part  7)  such  image  shows  the  position  of  rotating  propellers 
P,  one  of  which  is  shaded  here  on  a  half  [4].  off 

Exarnple  of  simulated  Azimuth-Range  Image  of  the  B-52  plane  obtained  during  a  single-shot  "radar- 
target  contact  by  the  prolonged  pulse  burst  is  shown  in  Fig.  10.  See  also  [17-20]  about  such  image’s 
variants,  which  also  can  be  simulated,  ^ 


5.  Simulation  of  recognition  processing:  correlation  procedures  and  their  generalization 

Simulation  has  been  earned  out  with  obligatory  evaluation  of  decision  quality  [2, 21], 

Various  Decision  Rul^  (Bayessian,  Nonparametrical,  and  Neural)  and  various  Recognition  Signatures 
ave  been  simulated^The  mam  attention  was  given  to  recognition  on  the  basis  of  Single  Range  Profile 
Signature  and  of  its  Combinations  with  other  Signatures. 

On  the  basis  of  Bayessian  Decision  Rule  the  Approximate  Correlation  Sum  Method  was  introduced  (it 
was  considered  dso  m  [15]).  This  Method  requires  Formation  of  Standards  for  Target  Profile 

n«c  Subclass  isn’t  delivered  but  it  ensures  delivering  the  Decision  about  Target 

Class.  Such  method  was  justified  in  our  1986-1987  nature  experiment.  ^ 

Inuoduc^n  of  Subcl^ses  is  con^tioned  by  the  ChangeabUity  of  Range  Profiles,  as  it  is  explained  in 
E^.  Three  rows  of  simulated  Range  Profiles  of  TU-16,  MIG-21  planes  and  ALKM  cruise  missile  are 
shown  in  small  0. 1  °  aspect  angle  change  from  row  to  row.  The  change  of  large  target  Range  Profile  (left 
column)  can  be  noticed,  although  aspect  change  of  0.1°  itself  can’t  be  noticed. 

Distinguish^  sectors  of  target  aspect  angle  in  surveillance  radar  are  great  enough  (about  10-20°)  The 

cla^^  of  Target  Range  Profiles  given  their  Changeability  and  Recurrence  were  divided  therefore  in 
Subclasses  m  number  up  to  3- 10. 


Simulation  Quality  can  be  obtained  from  comparison  of  its  results 
muted  1986- 1 987  expenmental  results.  Let  us  notice  that  correlation  of  simulated  Target  Range 
Profiles  wfth  3  Standards  produced  from  experimental  Range  Profiles  comes  to  0.88 . .  .0.97. 


pe  Correlation  Sum  Method  was  generalized  from  the  positions  of  Bayessian  Statistics  to  use 
Supplemental  Signatures.  This  generalization  [22]  led  to  Additive  Inclusion  of  Supplementing 
independent  Signatures  (of  trajectory.  Radar  Cross  Sections,  etc.),  see  also  [2, 21]. 
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So,  Recognition  of  M=4. .  .6  target  classes  was  simulated  in  use  of  chirp  signal  of  70  MHz  bandwidth. 
Simulation  was  realized  for  7^=1  ...5  of  independent  "radar-target"  contacts,  Bayessian  and 
nonparametrical  decision  rules,  and  various  signature  combinations. 

Simulated  Probabilities  of  Target  Class  Misrecognition  via  input  signal-to-noise  ratio  are  shown  in  Fig. 
12,  separately  for  various  numbers  N  of  independent  "radar-target"  contacts.  This  example  is  related  to 
correlation  recognition  by  the  range  profile: 

•  For  alphabet  of  Af=4  classes  of  targets  (large,  middle,  small,  small  -  decoy  with  Luneberg  lens); 

•  For  total  number  of  target  types  equal  to  8; 

•  For  number  of  Standards  equal  to  3  for  each  class; 

•  For  use  of  one  supplementing  Signature  -  total  Radar  Cross  Section  measured  in  wideband 
operation. 

Obtained  simulation  results  have  been  agreed  with  the  limited  results  of  1986- 1987-experiment. 

Let  us  notice,  the  peculiarity  of  our  investigation  regarding  to  known  of  Hudson  and  Psaltis  [15]  consisted 
in  the  choice  of  study  goal. 

Simulation  was  carried  out  so  as  to  introduce  the  recognition  into  surveillance  radar  supplemented  by  chirp 
exciter  and  minimally  disturb  the  main  narrowband  service. 

6.  Simulation  of  recognition  processing:  neural  network  robust  learning,  special  bayessian 
procedures 

As  an  important  direction  of  the  following  study  we  consider  the  simulation 

of  recognition  by  means  of  Neural  Networks.  A  block  diagram  of  such  a  network  [1, 23, 24]  is  shown  in 
Fig.  13  (AN-artificial  neurons).  Example  of  "windows"  used  in  simulation  is  shown  in  Fig.  14. 

The  study  progress  [25]  has  shown  a  need  for  Neural  Network  Learning,  which  is  Robust  to  various 
interfering  factors.  They  are: 

•  Presence  of  additive  noise  with  unknown  level; 

•  Partial  uncertainties  of  target  range  and  orientation. 

The  important  Principles  of  Neural  Network  Robustness  Provision  confirmed  in  recognition  simulation 
turned  out  to  be: 

•  Learning  in  Near  to  Real  Work  Conditions; 

•  Increasing  the  Number  of  Neural  Network  Hidden  Elements  [25]. 

Experimental  three  layer  Neural  Network  (Fig.  14)  has  been  learned  to  recognize  M=4  classes  of  targets 
probing  by  chirp  signal  of  70  MHz  bandwidth.  Neural  Network  consisted  of  64  elements  in  the  input  layer, 
200  elements  in  the  hidden  layer  and  4  elements  in  the  output  layer. 

All  the  Range  Profiles  were  re-counted  on  a  certain  rated  range.  Accordingly  the  Noise  Levels  were 
re-counted.  Re-counted  Range  Profiles  and  Noise  Levels  were  applied  onto  Neural  Network  in  both 
operations:  learning  and  recognition. 


Neural  Network  Learning  was  carried  out  by  presentation  of  720  Range  Profiles  and  corresponding 
Noise  Levels  for  various: 

•  Target  types  and  classes; 

•  Aspect  angles  (in  a  sector  of  aspect  angle  ambiguity); 

•  Ranges  (in  a  small  interval  of  range  ambiguity); 

•  Signal-to-Noise  Ratios  (in  interval  of  17-50  dB). 


Neural  Network  Performance  Test  was  carried  out  by  presentation  of  3200  of  such  Range  Profiles  with 
corresponding  Noise  Levels  in  condition  of  A^=l  "radar-target"  contact.  False  Recognition  Probabilities 
reduced  in  half  comparatively  to  Correlation  Sum  Method  with  Approximate  Standard  Formation. 

At  present  the  Special  Bayessian  Methods  are  simulated  on  a  level  with  Neural  Network  and  Correlation 
Sum  Methods  to  ensure  effective  recognition  of  both  class  and  type  of  targets.  They  are  accounted  on 
remembering  of  expected  statistical  distributions  and  presume  significant  increase  of  a  priory  information 
volume  being  remembered. 

7,  Peculiarities  of  backscattering  and  signatures  in  use  of  extended  in  time  signals 

Together  with  Chirp  Signals  the  Signals  with  Spectrum  Synthesis  -Slow  Stepped  Frequency  (SSF) 
Signals  [13]  were  simulated.  Due  to  growth  of  signal  duration  the  significance  of  the  following 
disturbance  factors  has  been  increased: 

•  Target  motion’s  fluctuations  caused  by  the  atmosphere  turbulence  [4,  5]; 

•  Signal’s  secondary  modulation  caused  by  fast  rotation  of  target  elements. 

So,  the  Wind  Gust  of  turbulent  atmosphere  act  on  a  flying  target.  If  the  signal  duration  is  less  than  one 
second,  the  simple  linear  differential  equations  and  linear  models  of  target  motion  can  be  used  [26]. 


FigU5  clarifies  the  idea  of  simulating  both  the  Wind  Gusts  transverse  to  target  motion  and  the  Target 
Yaws  caused  by  them.  There  are  shown: 


Generators  of  white  noise  and  linear  dynamic  elements  of  second  order  with  characteristics 

K  ( 

.  They  simulate  3  co-ordinate  components  of  Wind  Gust  vector  in  atmosphere; 
Dynamic  element  of  zeroth  order.  It  evaluates  the  Wind  Gust  vector  component  transverse  to  the 
target  velocity  vector.  It  re-counts  then  this  component  into  an  angle  deflection  of  target  movement 
direction  relative  to  wind  direction; 

Output  dynamic  element  -^TyCp) 


of  second  order,  simulating  the  Target  Yaw. 

There  are  in  the  output  element  accounted: 

•  Action  on  the  target  of  the  Aerodynamic  Torque  caused  by  wind; 

•  Existence  of  the  Target  Inertia  Moment; 

•  Pilot  or  autopilot  efforts  smoothing  the  yaw; 

Longitudinal  Wind  Gust  action  is  accounted  by  our  model  in  addition  to  Transverse  Wind  Gust  action. 


436 


According  to  simulation  results  obtained  on  the  basis  of  SSF  signals  of  80  MHz  bandwidth,  storm  weather 
begins  to  influence  on  Range  Profiles  if  signal  duration  exceeds  50  -60  ms  [4,  5].  Decrease  of  target 
altitude  increases  the  weather  factor  influence. 

Fig.  16  explains  the  weather  and  altitude  factor  influences  on  the  signal.  The  Range  Profiles  are  simulated: 

•  For  target  flights  in  calm  atmosphere  at  altitude  10  km; 

•  For  target  flights  in  storm  atmosphere  at  altitude  I  km. 

As  pre-cited  example  shows,  it  is  desirable  to  join  the  use  of  Time-Extended  Signal  with  simulation  of 
weather  condition. 

Degree  of  Secondary  Modulation  influence  on  processing  quality  depends  on  the  ratios  of  the  target 
rotating  element  dimensions  to  wavelength,  on  the  observability  of  the  rotating  elements,  and  also  on  the 
signal  duration.  Influence  of  Secondary  modulation  on  the  Range  Profile  for  targets  having  propellers 
(helicopters,  propeller  planes)  may  be  basic. 

8.  Conclusions 

As  it  was  shown  by  examples,  Backscattering  Computer  Simulation  essentially  expands  possibilities 
of  investigations  of  Aerial  Target  Recognition  Systems. 

Method  and  programs  of  Backscattering  Computer  Simulation  can  be  used  also  in  R&D  of  classical 
detection  and  tracking  radar  systems.  From  the  detection  position  there  is  noteworthy  recent  critical 
discussion  [27]  of  classical  Swerling  Backscattering  Statistics  in  AES  Transactions,  February  1997.  Here 
also  (see  pp.  718-719  by  S.  L.  Jonston)  an  intention  appeared  of  new  models’  looking  for.  Study  of 
secondary  modulation  and  other  backscattering  nonstationary  effects  on  target’s  tracking  also  leads  using 
the  new  models. 

Therefore,  we  suppose  that  Backscattering  Simulation  Programs  will  be  repeatedly  created,  edited 
and  gradually  improved  in  Radar  R&D  interest  as  new  experimental  data  will  be  repeatedly 
accumulated. 

Our  Simulation  Programs  we  consider  as  a  definite  step  in  this  direction. 
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Fig.  1 


Calculation  of  Backscateingin  case  of  IntrapulseProcessing 

N  ■  _  / 


x(t)=Y,Mnmt-2Pi(t)ryc)e 
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X(f)=5oX(0, 


X(^)  and  (f)  -  signals  receiving  by  two  channels  and  single  channel; 

5  and  ^0  -  polarization  vectors  of  transmitting  and  receiving  antennas  in  the  target  direction; 

-  unit  vector  of  incident  wave; 

P  j(t^  -  coordinate  vector  of  the  i-th  local  reflector  phase  centre  in  the  radar  system^ 

Mn  “  polarization  matrix  of  i-th  local  reflector; 

U (t^  -  complex  amplitude  of  the  signal  processed  in  the  receiver; 

“  carrier  frequency; 
number  of  local  reflectors 
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Simulated  Range  Profiles  for: 

Beindwidth  5=80  MHz;  Wavelength  A— 10  sm;  Aspect  Angle  10°. 


Fig.  8 


Simulated  Range-Frequency  Image  of  An-26 


Simulated  Range-Azimuth  Image  of  B-52  Plane 
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Simulated  Range  Profiles  (.5=80  MHz,  A=10  cm) 
for  Aspect  Angles  a,  ciH-0,l°  and  cH-0,2°. 


444 


Neural  Network  for  Aerial  Target  Class  Recognition 


Example  of  Neural  Network ’’Windows" 


Fig.  14 


Principle  of  Transverse  Wind  Gusts  (WG) 
and  Target  Yaws  (TY)  Simulating 


Fig.  15 
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RADAR  TRACING  OF  STEALTH  TARGETS  IN  THE 
BACKGROUND  OF  INTENSIVE  MULTIPLE 

JAMMING 

Y.N.Sedyhev 

Kharkov  Military  University 

Sq.Svobody,  6.  310043  Kharkov.  Ukrain  tel/fax:  (38)  0572-430740 


1.  Abstract:  The  features  of  adaptive  antenna  array  (AAA)  applications 
active-passive  bistatic  radar  (BSR)  for  target  observation  in  the 
background  of  intensive  multiple  interference  are  considered.  The 
concept  of  complete  information  interaction  between  BSR  channels  is 
proposed.  It  is  shown  that  multiprocessor  AAA  with  various  types  of 
adaptation  are  the  key  and  common  element  of  signal  space-time 
processors.  The  approach  to  there  problem  solution  is  a  combined  usage 
in  AAA  of  analog  devices  developed  with  the  use  of  new  low-noise 
wideband  microwave  technologies  and  digital  systems  of  signal  processing 
and  data  storage.  As  an  example,  the  applicability  of  low-noise 
parametric  circuits  with  correlation  feedback  for  creating  multi-channel 
AAA  with  signal  processing  at  microwave  frequency  is  discussed. 

2.  Introduction. 

Possibilities  of  modem  methods  and  means  of  electronic  counter  measures 
essentially  limit  the  use  of  different-purpose  radars  reduction  of  due  to 
expense  of  radar  cross-section  and  application  of  high-intensity  multiple 
interference.  For  ground-based  radars  the  number  of  sectors  of  suppression 
increase  due  to  re-reflections  from  dominating  local  subjects  which  are  nearby 
receiving  positions.  Radar  energy  potential  increase  under  these  conditions  is 
inefficient. 

At  the  same  time  it  is  necessary  to  bear  in  mind  that  possibilities  of  jamming 
means  are  also  limited  by  their  energy  resource  and  are  localized  in  a  small 
space  volume  as  against  radar  observation  zone.  This  circumstance,  at  least 
theoretically,  shows  that  preservation  of  radar  information  capabilities  can  be 
achieved  by  increasing  spatial  selectivity  and  localization  of  interfering 
radiation  sources. 

Multisite  radar  systems  with  optimal  processing  of  space-time  fields  generated 
by  signals  scattered  on  targets  and  produced  by  interfering  radiation  sources  in 
the  limits  of  their  spatial  coherence  possess  these  properties  [1,4,11].  In  our 
opinion,  the  efficiency  of  using  such  systems  under  multiple  interference 
conditions  can  be  achieved  by  complex  application  of  active  and  passive  radar 
methods  under  strict  accomplishment  of  principle  of  information 
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complementation  and  possibly  complete  use  of  energy  of  all  radiation  sources 
for  obtaining  coordinate  information  on  targets  and  radiation  sources  (RS). 

The  information  complementation  principle  assumes  that  radar  observation 
zones  of  active  and  passive  radar  channels  coincide,  the  character  of  space 
surveillance  by  antenna  systems  MSR  is  matched  in  the  direction  of  probing 
signal  radiation,  and  takes  into  account  parallax  in  the  directions  of  interfering 
signal  arrival  into  receiving  points.  Probing  signal  parameters  must  stimulate 
jamming,  spectrum  width  and  action  time  of  which  would  allow  to  obtain  an 
acceptable  location  accuracy  of  their  sources  by  goniometric-difference  range¬ 
finder  method  with  small  measuring  bases. 

In  this  case  spatial  coherence  in  MSR  is  almost  always  guaranteed  what  gives 
the  opportunity  to  detect  covered  interference  and  targets  by  the  coherent 
compensation  in  main  antenna  beams  [1]. 

Besides,  under  small  bases  the  problems  of  data  interchange  between  positions 
at  all  stages  of  signal  and  coordinate  information  processing,  required  for 
MSR  functioning,  are  simplified  [1,3]. 

3.  The  concept  of  constructing  signal  processors  of  bistatic  radar  with  adaptive 
antenna  arrays. 

To  define  the  requirements  to  active  and  passive  radar  channels  of  MSR  it  is 
expedient  to  consider  characteristic  features  of  radar  observation  in  bistatic 
radar  (BSR)  consisting  of  two  active  radar  with  independent  space  survey  in 
the  plane  of  azimuth  (0)  and  range  (R)  and  independent  reception  of  echo 
signals  (Fig.l).  In  effective  optimal  aperture  signal  processing  in  AAA  of  each 
radar  there  is  no  influence  of  interfering  signal  reception  over  sidelobes  and 
after  combining  target  information  radar  observation  capabilities  are  limited 
only  by  the  regions  of  intersection  of  each  active  radar  suppression  sectors. 
The  number  of  such  regions  is  mf  (mi  is  the  number  of  interference  sources 
(IS))  and  under  multiple  interference  conditions  it  reduces  an  observation  area. 
For  imambiguous  determination  of  RS  coordinates  it  is  necessary  to  measure 
the  difference  times  of  arrival  of  interfering  signals  from  non-coordinated 
sources  to  reception  points  by  base-correlation  method  Axi  (range  difference 
ARi)  for  which  it  is  necessary  at  the  opposite  points  of  BSR  to  introduce  an 
additional  receiving  system  and  to  ensure  signal  interchange  for  correlation 
coherent  processing  in  each  radar.  Fig.l  also  shows  that  the  problem  of 
interference  high  suppression  in  main  beam  of  each  radar  has  solution  under 
angular  selection  of  each  IS  and  simultaneous  observation  of  it  by  specially 
selected  beams  of  BSR  adaptive  antennas.  It  is  evident  that  coherent 
interference  compensation  in  main  beam  requires  multichannel  coherent  signal 
exchange  between  receiving  points.  However  its  application  solves  the 
problem  of  covered  target  detection  under  multiple  interference  and,  in 
addition,  offers  scope  for  "quiet"  (secret)  observation  of  targets  in 
electromagnetic  fields  of  any  radiation  sources  [1]. 
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Fig.  1.  Coverage  sector  of  BSR  with  space  coherence. 
I  -  interferences;  t  -  targets. 


Fig.  2.  Concept  of  infoimation  interaction  of  BSR  channels  with  AAA 

in  recq)tion  point 

ARM-  adaptive  processor  of  the  mainlobe;  APS  -  adaptive  processor  of  tiie  sidelobes; 
MF-matched  filter;  PMPC -Processor  of  Measured  Parameter  Calculation; 
PCC-Processor  of  Coordinate  Calculation:  PT-Processor  of  Trajectory,  pc||  -  Matrix 
Correlator, 
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The  presented  justification  is  based  on  our  knowledge  in  the  field  of  theory 
and  technology  of  multisite  radar  systems,  adaptive  antenna  arrays  [1-14].  It 
enables  to  represent  the  structural  scheme  of  space-time  processing  processors 
of  BSR  with  AAAs  and  to  define  peculiarities  of  data  exchange  between 
processors  of  the  three  information  channels  inside  each  radar  and  between 
them  (Fig.2). 

The  main  and  key  processor  elements  are  adaptive  antenna  arrays  with  number 
of  channels  N  which  is  more  than  the  number  of  interference  sources  mi 
(N>m).  Additional  weakly  directed  reference  signal  antennas  Ai,  A2  ensure 
fimctioning  passive  location  channels  with  matched  space  survey  by  each 
BSR.  Estimates  of  primary  measurement  of  azimuth  0  and  difference  in  signal 
arrival  times  Ati  for  each  interference  source  (©i,  Axi)  are  the  original  ones  for 
measuring  co-ordinates  RSj  and  formation  of  the  reference  signal  in  the  third 
channel,  the  one  of  coherent  compensation  of  spatially  selected  interference  in 
the  main  beam  with  the  help  of  processor  APMi.  For  this,  the  vector  of  beam 
control  S(0ii)  in  processor  APMi  and  vector  S(0i2)  in  processor  APMn  are 
being  formed. 

The  interference  source  signals  received  by  antennas  AAi,  AA2  and  adjusted 
in  time  ensure  self-focusing  AA2  at  their  processing  in  processor  APM12 

Here  echo  signal  of  the  covered  target  in  the  main  beam  acquires  an  additional 
time  delay  what  is  necessary  to  take  into  account  when  estimating  coordinates 
and  identifying  targets. 

Finally,  the  signals  of  selected  source  with  known  coordinates  in  reference  to 
covered  target  can  be  considered  as  the  probing  ones  and  differences  in  time 
of  signal  arrival  to  reception  points  and  in  sum 

Doppler  shift  for  coordinate  measurement  by  sum-goniometric  method  can  be 
used.  For  this  purpose  into  the  third  channel  circuit  matrix  correlation  filter 
processor  intended  to  serve  for  measuring  bases  ISi-AAi,  ISi-AA2,  are  to  be 
introduced.  The  proposed  concept  of  interaction  of  three  BSR  information 
channels  was  verified  experimentally  at  the  model  with  the  use  of  8-chaimel 
AAA  of  gradient  type  and  matrix  correlation  measurers  for  noise  signal  delays 
ensured  signal  processors  with  spectrum  width  up  to  20  MHz  and  coherent 
processing  time  up  to  10'^  s.  As  compared  to  Fig.2,  the  model  scheme  is 
simplified  at  the  cost  of  time  division  of  operation  modes  of  the  two  AAA 
adaptive  processors.  Coherent  signal  data  exchange  at  the  base  up  to  1000  m 
occurred  over  cable  and  optic-fiber  communication  lines.  Radiators 
simulating  echo  signals  and  interference  were  placed  fixedly  in  a  far  zone  of 
receiving  antennas. 

The  displays  with  direction  finding  characteristics  of  non-adaptive  AA  and 
AAA  are  shown  in  Fig.3  (a,  b,  c). 

AAA  responses  under  the  action  of  one,  two  and  three  interference  sources 
with  interference/noise  ratio  in  a  channel  15-20.  dB  illustrate  the  high  quality 
of  angular  selection  and  the  opportunity  of  unambiguous  estimation  of  IS 
signal  arrival  direction.  Fig.3  (d  -  1)  illustrates  the  results  of  signal  and 
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interference  processing  of  BSR  information  channels.  In  Fig.3  (d,  e,  f)  the 
efficiency  of  echo-channel  interference  protection  under  the  action  of  two  ISs 
with  angular  separation  close  to  AA  beam  width  (echo-signal  is  observed 
between  bearings  at  IS, ,  h  are  interference  sources,  t  is  the  target  (Fig.3  f))  is 
shown.  Fig.3  (g,  h,  i)  represents  the  functioning  of  passive  radar  channel  with 
AAA  in  the  same  interference  situation  for  non-adaptive  AA  and  AAA.  The 
use  of  AAA  in  passive  channel  allows  more  accurate  combined  estimation 
both  of  angular  position  and  delay  time  of  selected  IS  (Fig.3  h)  and  obtaining 
complete  coordinate  information  at  one  measuring  base  (Fig.3  i)(display  scale 
is  determined  by  the  baselength,  SO  is  clutter  from  the  surface  objects). 

The  introduction  of  measured  parameters  0,,  Ati  into  devices  of  forming 
reference  signals  ensuring  self-focusing  of  AAA  of  the  second  receiving  point 
(Fig.3  g,  k)  permits  to  detect  the  target  covered  by  interference  in  the  main 
beam  (Fig.3  1).  The  presented  investigation  results  indicate  the  perspectivity  of 
proposed  principles  of  constructing  BSR  (MSR)  on  the  basis  of  interaction 
between  information  channel  signal  processors  and  AAA.  However,  the 
complete  technical  reliability  under  multiple  interference  conditions  requires 
the  development  of  new  lines  of  investigations  and  technological  principles  of 
constructing  AAA  multichannel  processors. 

One  of  such  directions  combines  the  advantages  of  analog  low-noise  wideband 
microwave  devices  with  the  possibilities  of  modem  microprocessor 
technology  for  constructing  AAA  with  signal  processing  at  microwave 
frequency. 

4.  AAA  Adaptation  method  in  AAA  for  microwave  signal  processing 

For  the  last  forty  years  the  works  on  the  theory  development  and  practical 
application  of  adaptive  arrays  and  antennas  have  been  going  on  [6,7,8,11]. 
Optimal  processing  of  signals  against  the  backgrovmd  of  a  stationary  noise 
produced  by  non-correlated  point  sources  of  active  interference  with  the 
accuracy  up  to  a  scale  factor  corresponds  to  a  multichannel  weight  processing 
according  to  the  Wiener  filter  algorithm: 

W  =  aR~'-So,  (1) 

where  W  is  the  weight  factor  vector;  So  is  the  space  vector  of  an  expected 
signal  in  the  antenna  aperture  providing  the  main  beam  formation;  R'*  is  the 
inverse  correlation  matrix  of  interference  and  internal  noise  received  in  N 
partial  receiving  channels  with  dimensions  of  NxN. 

Signal  weight  summation  at  N>M  (where  M  is  the  number  of  interference 
sources)  (1)  maximizes  the  signal/  interference  plus  noise  ratio  (SNIR) 
minimizing  the  signal  loss  in  the  main  beam  and  forming  reception  zeros  in 
the  directions  to  the  interference  sources  by  the  coherent  compensation  of  their 
signals. 
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qo=S5-W  =  S5-R-‘So,  (2) 

where  *  is  the  Hermitian  transpose.  For  AAA  with  identical  channels  the 
module  of  the  complex  coefficients  of  the  interchannel  correlation  outside  the 
main  diagonal  R’^  depends  on  the  total  interference  power/noise  ratio  and  can 
be  obtained  like  follows  as 


m  /  m  P  rr 

P  =  |p|  =  Zhi/Zhi+l,  = 


i=l  /  i=l 


where  cFf,<y^  are  the  variances  of  the  interference  and  noise,  respectively. 

For  a  quantitative  estimation  of  the  weight  summation  results  we  use  the 
methods  of  reducing  Hermitian  matrices  to  the  diagonal  form  through  non¬ 
multiple  eigenvalues  and  projection  matrices  [6,7]. 


m+i  2  i  =  k 

R=  Pi-Pk  =  Q  f(R)=  £f(Xi)Pi 

^m+1  =  ^m+2  =  -^N. 


=  N,  m  +  1  =  q.. 


Thus,  the  relation  (2)  is  transformed  to  the  following  form: 


m+1  , 

^0  =  Zt^O  Pi^O- 


From  (4)  and  (5)  it  follows  that  if  m=l  and  the  array  main  beam  position  S(0) 
is  changed,  the  value  qo  can  vary  over  a  wide  range  from 

N  ^  N  , 

40max  -  ,  to  qomin  7?““^ 

1-p  1-p  +  Np 

at  Rayleigh  resolution  of  m  (N>m)  sources  of  equal  power 


40inin  “  ■;  “  Ul, 

1-p  +  No  /m 


and,  therefore,  a  potential  gain  of  aperture  processing  varies  over  a  range  of 
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*^Omax  _  N 
qOmin  m(l-p)' 

From  (6)  it  follows  that  the  efficiency  of  broadband  multiple  interference 
aperture  processing  depends  on  receiving  channel  characteristic  identity 
(;\.N  =l-p  determines  limiting  possibilities  of  the  coherent  compensation)  as 
well  as  on  receiving  channel  redundancy  in  relation  to  the  number  of 
interference  sources. 

The  degree  of  the  modulus  of  the  correlation  coefficient  approximation  in  real 
receiving  channels,  including  array  line-source  feed,  to  (3)  is  criterion  of 
integral  estimation  of  the  adaptation  algorithm  efficiency  and  technological 
perfection  of  processing  equipment. 

The  quality  of  aperture  processing  is  defined  by  the  accuracy  of  setting  the 
amplitude-phase  distribution  (APD)  reduced  to  the  antenna  aperture.  At  the 
same  time,  the  most  of  the  known  adaptation  methods  and  devices  provide 
weight  summation  at  intermediate  frequency  or  in  digital  processors  after 
analog-to-digital  conversion  of  signals  at  the  outputs  of  multistage  receiver’s 
[7].  In  evaluating  channel  identity  it  is  necessary  to  account  both  external  and 
internal  statistics  of  the  antenna  system.  The  identity  difficulties  increase  with 
strengthening  the  requirements  to  a  dynamic  range  of  input  signals  and  their 
relative  broadbandness  Afs/fo.  As  applied  to  the  use  of  digital  methods  it  takes 
the  form  of  the  capacity  of  representing  signals  in  the  digital  form  and  digital 
processor  rapidity. 

Besides,  it  is  necessary  to  take  into  account  additional  quantization  noise, 
which  unlike  internal  noise  cannot  be  considered  as  non-correlated  one.  It 
influences  both  the  value  of  SNR  and  the  accuracy  of  the  weight  vector 
calculation. 

To  estimate  the  advantage  in  (6)  it  is  necessary  to  take  into  account  that  an 
equivalent  value  of  correlation  coefficient  modulus  decreases  due  to  non¬ 
identities  of  non-linearities  of  the  amplitude  (pai),  amplitude-phase  and  phase- 
frequency  (pA(a,(p))  responses  of  receiving  channels,  differences  of  signal 

interchannel  delay  R"'  up  to  weight  adder  (p^,).  Besides,  enors  in  estimates  of 
the  inverse  correlation  matrix  R*'  or  the  weight  vector  W  in  (1)  also  result  in 
reduction  of  p  proportional  to  pAw  •  Thus, 


P  ~  P  ■  Pa  ■  P(a,(|>)  '  PAt  ‘  PAw  P-  (^) 

From  (7)  it  follows  that  for  obtaining  potential  gains  of  the  aperture  optimum 
processing  the  operation  of  interference  coherent  compensation  should  be 
carried  out  in  analog  form  in  a  broadband  low-noise  coordinated  path  at  low 
signal  level.  In  this  case 


PAa’  P(a,c())’  PAt  *  b  P~P'PAw 


(8) 
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For  quantitative  estimates  at  arbitrary  arrangement  of  interference  sources  and 
using  the  estimated  values  of  R  and  w  while  processing  we  can  use  the 
following  relations  for  SNIR  at  the  processor  output  [11,14], 


S©R"‘RR"‘S©  w  rw 


or,  in  accordance  with  (4) 


(9) 


(10) 


It  is  obvious  that  the  relation  q/qo  defines  the  total  losses  of  processing. 


K,(0)  =  -^<1. 
40 


In  the  absence  of  adaptation  R  ->  I  and  SNIR  at  the  ouq)ut 


4na(®)  ~ 


SeRS©  ■ 


(11) 


and  the  relation  q(®)/qna(®)  defines  a  relative  advantage  if  using  non- 
adaptive  PAA.  Thus,  its  directivity  pattern  is  determined  by  the  Fourier 
transform  for  W(0i) 


q(©)  =  S(©)W(0i).  (12) 

At  all  variety  of  adaptive  AAA  algorithms  two  basic  methods  of  the  weight 
vector  calculation  are  used: 

■  the  method  of  direct  determination  of  the  correlation  matrix  by  signal 
samples  at  the  output  of  N-channel  receiver  with  subsequent  calculation  of  the 
weight  vector  in  the  digital  form  [6,7,9]; 

■  the  gradient  method  with  N-channel  negative  correlation  feedback  (CNF) 
minimizing  the  noise  at  the  output  and  forming  in  the  stationary  mode  the 
vector  of  the  form  [6,7]: 


w=(I  +  pR)"‘s«  — R"^S; 

1  +  p 


P»l, 
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where  p  is  the  amplification  factor  in  a  feedback  circuit;  I  is  the  identity 
matrix. 

Both  the  direct  and  gradient  methods  require  much  time  for  estimates  of 
weight  vector  and  large  amplitudes  of  signals  even  if  at  one  of  correlator 
inputs.  The  direct  method  is  practically  non-realized  at  N>2  when  using 
analog  technologies,  while  the  gradient  methods  admit  both  analog  and  digital 
realizations  [11]. 

The  advantage  of  the  direct  method  is  the  opportunity  of  producing  optimum 
amplitude-phase  distributions  in  AAA  aperture  for  signal  reception  from  any 
direction  in  a  scanning  sector.  However,  they  do  not  work  in  the  real  time.  The 
period  of  data  updating  affects  essentially  the  errors  of  the  weight  vector 
calculation,  which  depend  on  the  time  of  interference  stationary  and  reduce 
p^w  •  bi  the  practical  application  of  direct  methods  it  is  necessary  to  take  into 
account  substantial  computational  expenses. 

The  process  of  adaptation  in  gradient  methods  goes  in  real  time  and  provides 
high  calculation  accuracy  of  the  weight  vector,  though  for  one  direction  only; 
transients  limit  the  speed  of  space  scanning  in  a  multichannel  system  with 
CNF.  Besides,  in  the  digital  calculation  of  the  weight  vector  and  coherent 
weight  summation  the  broadbandness  is  limited  by  the  internal  performance  of 
digital  elements.  Therefore,  in  weight  summation  of  analog  signals  at  SHF  it  is 
proposed  to  search  reasonable  trade  off  in  combinations  of  direct  and  gradient 
methods,  optimizing  their  contribution  to  the  accuracy  of  the  weight  vector 
calculation  1),  stabilization  and  reduction  of  transient  time  by  the 

long-duration  storage  and  updating  information  on  or  W(©i)  for  the  pre¬ 
adaptation  and  fast  correction  of  the  weight  vector  for  the  direction  of  a  useful 
signal  arrival  S(0i). 

The  fulfillment  of  the  listed  conditions  results  in  AAA  structure  which,  to  our 
mind,  is  versatile  for  a  variety  of  applications  and  is  given  in  Fig.4. 

In  the  circuit  of  a  linear  AAA  from  the  outputs  of  N-channel  low-noise 
amplifier  (LNA)  with  a  pre-selector  limiting  a  processing  band,  the  low-level 
signals  are  applied  to  a  weight  adder.  Through  N-channel  amplifiers- 
converters  with  ANGC  the  same  signals  are  applied  to  multipliers  of  a  multi 
channel  correlators  of  two  processors:  of  direct  calculation  of  interference 
matrix  and  gradient  one. 

Their  dimensions  are  shown  on  the  vector  signal  arrows.  The  vector  sum  of 
the  weight  vector  estimates  of  two  processors  and  Wg  providing  more 

accurate  amplitude-phase  distribution  W(©j)  corrected  by  the  gradient 
processor  in  the  real  time  is  applied  to  the  weight  adder  control  inputs. 

Thus,  the  discrepancies  of  calculating  the  weight  vector  Wd(©i)  appearing  due 
to  finite  time  of  action  and  non-stationary  of  interference  are  removed  and  the 
equalization  of  levels  of  various  intensity  interference  provides  a  essential 
reduction  of  the  transient  time  in  a  multichannel  processor  with  CNF  (Fig.5). 


457 


CO  > 


a> 


It  should  be  noted  that  when  constructing  multichannel  adaptive  PAA  with 
relative  broadbandness  of  up  to  10%  the  redundancy  of  the  number  of 
summing  channels  has  to  be  not  less  than  2-3.  Gradient  processor  stability  in  a 
dynamic  range  is  of  special  difficulty  here.  Its  digital  realization  can  require 
clock  frequency  of  ADC  (analog-to-digital  converter)  up  to  0,5...  1  GHz  or 
division  of  total  bandwidth  into  subchannels.  The  design  of  precision  weight 
multipliers  with  low  noise  in  various  microwave  ranges  is  not  of  less 
difficulty.  However,  the  use  of  modem  microwave  technologies  enables  not 
only  to  solve  these  problems  but  also  to  provide  the  constmction  of  steady- 
state  analog  multichannel  gradient  processors  with  the  weight  vector 
calculation  at  high  frequency.  It  can  be  achieved  by  using  the  properties  of 
coherent  parametric  circuits  with  correlation  feedback  at  non-linear  reactances 
in  adaptive  antenna  arrays. 

5.  Application  of  gradient  parametric  processors 

The  block-diagram  of  parametric  processor  for  coherent  weight  simunation  is 
shown  in  Fig.6. 

The  basis  of  each  adaptation  channel  is  a  parametric  non-regenerative 
converter  (Fig.7).  At  one  of  the  combination  frequencies  of  converter  (oo)  a 
narrowband  integrating  filter  is  tuned.  This  provides  a  parametric  connection 
only  between  correlated  components  of  exciting  signals  in  channels  and  the 
sum  of  signals,  converted  to  the  frequency  of  summation  filter  (cox)  with  the 
aid  of  the  reference  signal  vector  components  at  frequency  (oo).  Under  the 
condition  of  smallness  of  the  signals  at  the  frequencies  coo  and  ©x, 
jUj' »|Uo|  and  cos+(Ox=(Oo,  oscillations,  proportional  to  interchannel 

correlation  coefficients,  i.e.  the  weight  vector  components,  are  excited  in  the 
narrow-band  filter.  Inverse  conversion  of  these  oscillations  through  a 
modulated  reactance  provides  a  closure  of  negative  correlation  feedback  and 
interference  coherent  compensation  in  the  filter  Fx  with  the  voltage  differing 
from  the  initial  oscillation  by  a  factor  of  (l-pp/(l+P)). 

Non-linear  capacities  of  parametric  diodes  (Fig.6)  are  modulated  by  a  signal 
set  at  the  carrier  frequency  received  by  the  array  elements  and  amplified  by  a 
low-noise  amplifier  with  AGCN  to  a  desired  level 

m 

(13) 

k=l 

which  can  be  represented  as  the  sum  of  correlated  and  non-correlated 
components 

Us®=Us/'^+Us2^'^  (14) 
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Assuming  that  interference  sources  radiate  Gaussian  signals  we  suppose: 


Usi*Us2=0 


(Ott  *(0  =a,2 


S  ’ 


Pil 


U3«U3<'> 


(15) 


Correlation  feedback  availability  enables  to  represent  the  i-th  non-linear 
capacity  of  the  circuit  in  terms  of  a  superposition  of  a  constant  component  and 
two  variable  components  =aUs/'\  Ci2^'^  =aUs2^'^  where  a  is  the  slope 
of  varicap  capacity  change. 

In  this  case  the  analysis  of  gradient  processor  characteristics  reduces  to  the 
analysis  of  the  linear  multi  port  properties  (Fig.  8). 

The  scattering  matrix  Ss  and  the  transfer  operator  T  accounting  for  multi 
channel  circuit  linearity  (coherence)  can  be  obtained  through  its  inverse 
normalized  matrix  of  conductances  Yq: 


Ss=I-2ti'Yo'V, 

T  =  I-S  =  2Ti'Yo-V  =  2Tl'Mn'. 

Po| 


(16) 


Here,  ti',!!'  are  the  diagonal  matrices  of  conductance’s  raised  to  the  power  1/2 
correcting  for  the  losses  in  passive  circuits  of  reference  signal  sources  at  the 
frequency  coo  and  the  load  frequency  cov; 

||aij||is  the  matrix  consisting  of  algebraic  complements  of  transposed  matrix 
Yq,  |Yo|  is  the  matrix  Yq  determinant,  I  is  the  identity  matrix. 

The  matrix  Yo  in  Fig.9  relates  the  correlated  and  non-correlated  signal 
components  in  receiving  channels  and  signals  of  reference  signal  and  load  . 
Since  the  coupling  between  frequency  components  through  a  narrow-band 
filter-integrator  is  possible  only  for  correlated  components,  the  normalized 
conductance  matrix  consists  of  four  block  matrices:  two  identity  matrices  at 
the  principal  diagonal  (In+i  h  In)  and  coupling  coefficient  matrices  Y^,  Y21  of 
dimensions  N*(N-i-l)  and  (N+1)*N,  respectively. 

If  the  signal  from  a  separated  chaimel  is  applied  to  the  general  adder  then  the 
total  size  In+i  increases  by  one  and  becomes  equal  to  (2N+2)*(2N+2).  In  this 
case  the  reference  signal  has  the  form  of  So  =  (1,0,0...0)  and  AAA  operates  as 
an  interference  compensatory  [11,12]. 

The  rows  {yi/'^}N+i  in  Y12  and  the  column  {yii*^‘^}N+i  in  Y21  ensure  coherent 
summation  of  correlated  signals  at  the  frequency  cos  and  diagonal  coefficient 
matrices  in  blocks  Y 12  and  Y21  take  into  account  non-coherent  summation  of 
thermal  noise,  which  is  proportional  to  the  components  of  the  weight  vector. 
The  coefficients  Y12,  Y21  for  the  equivalent  circuit  in  Fig.8  have  the  following 
form: 
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(!)  jcosaUs/'^ 
(g0*g2)’^^’ 
*(i)  _  jopaUs/'^ 
(go^gz)*^^’ 


(i)  jt0zgUs2 
(go*gz) 
»(i)  _  j<»oaUs2 
(go  *gz) 


(i) 


yi2'  - 


yi2  - 


1/2 


(i) 


1/2 


where  go,gj;  are  resonance  conductance  of  summing  (®j;)  and  integrating 
filters,  respectively. 

Using  the  rules  of  the  block  matrix  determinant  calculation  it  is  possible  to 
find  the  determinant,  eigenvalues  of  matrix  Yo  and  the  transfer  operator  in  a 
stationary  mode  providing  for  averaging  in  integrating  filters  for  identical 
channels: 


det|Ynl  =  lN+ilN--Yi2Y2i  = 


lN+||P'Pij  • 


raep  = 


(Oocoxa^as 


gogz 


where 


Pij  -  P  ij  = 


CuV'u.,-'*' 


1/2 


|Yo-I2N+1^|  =  |In+i  (1  -  ^  *  |In  (1  -  ^)  +  ||P  *  Pij||  =  0. 


(18) 


(19) 

(20) 


From  (18,20)  it  is  seen  that  the  properties  of  the  multichannel  parametric 
circuit  under  consideration  is  determined  by  the  correlation  matrix  of  input 
signals  at  the  input  and  by  the  feedback  depth.  The  normalized  conductance 
matrix  Yo  has  N+1  multiple  roots  A,=l  and,  therefore,  its  rank  is  determined  by 
the  rank  of  the  correlation  matrix. 

The  transfer  operator  in  a  stationary  mode  to  within  the  coefficients  1  / 1 + p  and 
the  losses  in  circuits  of  an  exciting  signal  source  and  a  load  is  determined  by 
the  estimated  value  of  the  inverse  correlation  matrix 


m  , 

T  =  Ti'R-V  =  ET-^'PkTl''. 

k=l 

Here  its  minimum  eigenvalue  is 


(21) 


1  +  P 

Thus,  under  the  action  of  the  reference  signal  So(©)  for  reflected  wave  in  a 
load  circuit  at  the  frequency  ©x  B=TSo.  The  power  transfer  coefficient  in  view 
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of  (17),  (19)  and  the  frequency  scale  factor  »  when  converting  the 

reference  signal  Uo  to  the  frequency  cos  in  parametric  converter,  is  equal  to 


K 


P»opt 


B*B  1 

So*So  N  ©0  (l  +  p)2 


m 

SvVh'Pkh'So 

.k=l 


(22) 


In  the  absence  of  interference  =  l  +  i/p  and 


Kp,opt  =  N-^- 


“O  (1  +  P) 
hb  -ilz  =  [soVPkh'Sof, 


j-Tio-Tii  = 


(23) 


which  corresponds  to  the  coefficient  of  internal  noise  power  transfer  in  the  N- 
channels  non-regenerative  frequency  converter  accounting  for  losses  in  filters. 
The  relation’s  (22)  within  to  a  constant  multiplier  coincides  with  the 
numerator  of  expression  (10)  and  at  p-^oo  with  the  relations  (1),  which  points 

to  an  adequacy  of  the  multi  channel  parametric  circuit  and  the  gradient 
adaptive  aperture-processing  algorithm. 

6.  Estimation  of  the  influence  of  the  correlation  feedback  depth  on  losses  of 
the  aperture  processing 

The  losses  in  signal  processing  at  the  output  of  AAA  (Fig.6)  at  the  finite  value 
of  P  can  be  obtained  from  (1) ,  (9)  and  (10): 


K,  =^  = 


,  (sqR.T'So? 

J 

2 

(so*^SoKr~^SoJ 

U=i  ^  J 

S^o*PiSo] 
U=i  J 

For  one  interference  source  from  (4)  is  follows: 
=  1-P  +  Np;  ; 

1  _  1  +  . 

% - . 


X,=l-p  +  Np;  Xn=1-p; 


1  +  p  ’ 

So*PiS  =  Nf2((p  -  (Po);  So*PnS  =  N[1  -  F2((p  -  (p^)] ; 


where  F^((p-(po)  = 


•  N, 
sm-(\po-v) 


l2 


Nsin^(vpo-vp) 


(24) 
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is  the  value  of  nonnalized  AAA  pattern  depending  on  angular  distinctions  in 
directions  of  signal  and  interference  arrived.  Then  the  value  of  Kl  is  equal  to: 


(25) 

L^nFoi^  +^iO“Foi^)J 


Since  «A.i 


^  1+p 


it  can  be  shown  that  the  value  Kl  is  minimum 


(losses  are  maximum)  at  F^oi=0,5,  which  corresponds  to  the  action  of  the 
interference  coming  from  the  direction  corresponding  to  the  half-width  of 
AAA  pattern.  In  this  case 


K 


Lmin 


Np^(l-P) 

1  +  Np2(i_p)' 


(26) 


For  m  resolvable  radiation  sources 


KLmin  “ 


Np^(l-P) 


N  7 

-P^(l-P) 
m _ 


m  +  Np2(l-p)  i  +  Np2(,_p)‘ 

m 


(27) 


From  (27)  we  can  make  an  important  conclusion  that  losses  of  the  weight 
vector  estimation  because  of  the  CNF  finite  depth  can  be  compensated  by  the 
redundancy  of  the  number  of  chaimels  with  respect  to  the  number  of 
interference  sources. 

The  simplicity  of  adaptive  elements  enables  to  construct  multistage  parametric 
processors  [5]. 

7.  Adaptation  elements  of  parametric  processors 

The  adaptation  element  (AE)  in  APP  is  an  electric  circuit  in  the  form  of  a 
series  coimection  of  the  non-linear  reactance  and  high-Q  filter.  Possible 
variants  of  AE  circuits  are  shown  in  Fig.  10. 

The  main  task  in  selecting  AE  consists  in  ensuring  the  CNF  depth,  which  is 
obtained  from  (18)  and  can  be  expressed  through  the  equivalent  filter  Q- 
factors  Qo  and  Qj  . 


§oSs 
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where  is  the  square  of  the  modulation  parameter  of  AE  non-linear  capacity, 
which  is  equal  to 


a  =■ 


CfiCi 


0^01 


where  Co,Coy  are  filter  average  capacities  at  the  frequencies  coq.osj 
respectively. 

Q-factor  Qj;  » 10...20  is  determined  by  the  spectrum  width  of  processed  signals 
and  for  existing  varactors  for  obtaining  p»l00  it  is  quite  promising  to  use 
high-Q  resonators  at  volume  and  surface  acoustic  waves  (Fig.  10  b).  When 
constructing  microwave  AE,  conventional  filters  with  tunnel-diode 
regenerative  amplification  have  been  effectively  used  (Fig.  10  a). 

The  use  of  resonators  based  on  tlie  super-conduction  phenomena  (Fig.  10  c) 
makes  it  possible  to  ensure  Q-factor  up  to  10^-10^  in  the  microwave  range. 
The  film  superconducting  resonator  having  features  both  of  the  nonlinear 
inductance  and  filter,  can  be  used  as  AE  connecting  the  filters  at  the 
frequencies  ©s  and©^  and  operates  at  super  low  levels  of  input  signals.  [13]. 

It  is  also  interesting  to  use  nonlinear  reactance’s  on  superconductor-insulator- 
superconductor  structures  .[13] 

AE  simplicity  enables  to  construct  multi-layered  receiving  systems  for 
multichannel  adaptive  processors  by  using  modem  microwave  technologies. 
As  in  the  case  of  [10],  the  dimensions  of  a  receiving  adaptive  stmcture  will  not 
exceed  the  aperture  ones. 

The  tabulated  results  (Fig.l  1)  show  the  possibility  to  obtain  a  sufficiently  high 
accuracy  of  the  weight  vector  calculation  in  APP  at  the  interference  level  in 
each  channel  up  to  -  30dB.  Here  the  technical  realization  in  various  frequency 
ranges  depends  on  availability  of  a  corresponding  nonlinear  reactance’s  and 
possibility  of  technical  implementation  of  high-Q  filter-integrators. 

8.  Conclusion. 

The  results  presented  in  the  report  indicate  the  perspectivity  of  using  BSR  with 
multichannel  combination  of  radio  signals  and  their  subsequent  coherent 
space-time  processing.  The  use  of  AAA  in  signal  space-time  processors 
ensures  combined  processing  of  echo  signals  and  IS  signals,  target-oriented 
information  exchange  between  active  and  passive  radar  chaimels. 

Besides,  the  realization  of  information  complementation  principle  opens  the 
way  of  constracting  feasible  information  conveyers  and  complete  using 
electromagnetic  field  energy  in  the  BSR  frequency  band  for  secret  observation 
of  covered  targets  near  interference  sources.  For  stable  radar  observation  of 
such  targets  under  multiple  interference  of  high  intensity  the  multichannel 
AAA  must  be  used  Avith  a  high  control  accuracy,  optimal  amplitude-phase 
distribution  in  BSR  antenna  aperture,  combining  the  advances  of  analog  low- 
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noise  microwave  teclmologies  and  the  possibilities  of  microprocessor 
techniques.  The  adaptive  parametric  processors  on  non-linear  reactivities  with 
low  inner  noise  has  such  properties. 

The  advanced  theory  of  such  systems  permits  to  reduce  calculations  of 
multichannel  processors  of  AAA  space  processing  to  calculations  of 
multichannel  linear  electric  microwave  circuits  and  to  develop  devices  which 
will  not  exceed  aperture  dimensions. 

Many  problems  of  BSR  practical  realization  associating  with  communication 
link  characteristics  for  multichannel  exchange  of  coherent  signals  and 
processing  data  in  information  charmels  are  not  touched  up  in  the  report. 
Everybody  knows  that  this  is  an  actual  problem  but  they  are  not  the  subject  of 
discussion  at  this  symposium. 
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Abstract:  The  use  of  circularly  polarized  frequency-independent  antennas 
for  the  detection  of  buried  plastic  and  metallic  anti-personnel  mines  is 
analyzed  in  the  context  of  step  frequency  radar  (SFGPR).  It  is  shown  that 
the  dispersive  behavior  of  the  antennas  can  be  corrected  by  using  a 
simulated  impulse  response.  The  leakage  signal  mainly  due  to  the  antenna 
cross-coupling  and  to  the  wave  reflection  at  the  air-ground  interface  is 
then  considered  for  several  ground  moisture,  and  solutions  are  suggested 
to  reduce  it  and  thus  to  enhance  the  signal  to  clutter  ratio. 


1.  Introduction 

The  problem  of  plastic  antipersonnel-mines  detection  is  difficult  because  the 
mines  are  of  low  contrast  with  their  surrounding  media  and  they  are  buried  at 
shallow  depth  (some  centimeters)  below  the  ground  surface  [1].  Thus,  radar 
systems  need  ultra  wide  bandwidth  to  separate  in  the  time  domain  the  leakage 
signal  due  to  the  antenna  cross-coupling  and  the  ground  surface  reflection 
from  the  mine  signal.  Generally  radars  do  not  have  such  a  wide  bandwidth  and 
special  efforts  must  be  made  at  the  antenna  design  level  to  reduce  the  leakage 
signal  which  is  usually  strong  as  compared  to  the  weak  signal  of  the  mine. 

The  use  of  equiangular  spiral  antennas  with  opposite  polarization  sense  in 
transmission  and  reception  could  be  a  solution  to  decrease  the  cross-coupling 
while  enabling  the  mine  detection.  Indeed,  the  backscattered  fields  of  a  body- 
of-revolution  plastic  mine  buried  near  the  ground  interface  have  no  cross¬ 
polarization  component  [2],  meaning  that  there  is  no  matched  component  in 
circular  polarization.  However,  these  antennas  are  dispersives  and  probably 
difficult  to  correct  in  the  time  domain.  As  we  are  using  a  step  frequency 
ground  penetrating  radar  (SFGPR)  [3]  we  have  chosen  to  process  the 
antennas  effects  in  the  frequency  domain. 
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2.  Antenna  description 


Two  arms  planar  equiangular  spiral  antennas  have  been  designed  and  built 
with  a  500  MHz  starting  operating  frequency.  The  arm's  edges  are  loaded  to 
reduce  current  reflections  causing  ringing  effects  and  to  extend  the  bandwidth 
in  comparison  with  the  external  dimensions  (the  diameter  of  the  antenna  is  30 
cm).  Figure  1  shows  a  side  view  of  one  antenna.  The  backward  radiation  is 
limited  by  an  absorbing  layer  and  a  metallic  plate.  The  antenna  is  excited  at  its 
center  via  a  microstrip  Marchand's  balun  performing  a  2:1  impedance 
transformation  [4].  The  antenna  and  the  balun  are  etched  on  a  FR-4  epoxy 
substrate. 


-N  connector 
-Metallic  plate 

-Absorbing  material 

“Balun 

-Antenna 


Figure  1  -  Side  view  and  dimensions  of  one  antenna. 

Radiation  patterns  and  axial  ratio  have  been  measured  in  an  anechoic  chamber 
between  1  GHz  and  2  GHz.  The  radiation  patterns  presented  in  figure  2  show 
the  reduction  of  the  backward  radiation  which  improves  for  increasing 
frequencies. 


IICO  13X)  1300  1400  ISO  1600  1700  1800  1900 

fixxfxiKy 

Figure  2  -  Radiation  pattern  measured  at  three  frequencies,  E  component 
(bold)  and  H  component  (regular).  Axial  ratio  versus  frequency  in  boresight. 
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This  may  be  due  to  the  finite  size  of  the  metallic  plate  and  the  attenuation 
profile  of  the  absorbing  material.  A  good  symmetry  is  observed  between  the 
vertical  and  the  horizontal  components  and  a  quasi  circular  polarization  is 
radiated  with  an  axial  ratio  better  than  3  dB.  The  gain  in  circular  polarization 
is  about  0  dB  at  1 . 1  GHz,  — 3dB  at  1 .6  GHz  and  it  decreases  rapidly  above  1 .95 
GHz.  The  cutoff  frequency  of  the  antenna  is  fixed  by  the  matching  bandwidth 
limits  of  the  balun.  Finally,  the  operating  band  of  the  antenna  is  [500  MHz  -2 
GHz]. 

3.  Impulse  response  and  antenna  correction 

Equiangular  spiral  antennas  are  frequency  independent.  However,  they  are 
characterized  by  a  phase  dispersion  which  can  introduce  ringing  effects  and 
losses  in  radar  range  resolution.  Such  an  antenna  can  be  used  in  ground 
penetrating  radar  applications  only  if  it  is  possible  to  correct  this  dispersion 
effect.  If  one  antenna  complex  frequency  response  is  H{f),  the  inverse  filter 

with  response  is  applied  to  all  the  step  frequency  radar 

measurements.  Here,  the  assumption  is  made  that  both  transmitting  and 
receiving  antennas  are  identical. 

Hence,  the  main  difficulty  is  to  estimate  H{f).  As  we  found  that 
measurements  do  not  give  good  results,  we  have  used  antenna  simulations  to 
obtain  H{f).  The  antenna  has  been  modeled  with  a  wire  approximation  model 
and  the  far  field  components  were  computed  using  the  NEC2D 
electromagnetic  code.  Figure  3  shows  the  circularly  polarization  frequency 
response  simulated  and  the  phase  dispersion  is  clearly  highlighted.  However, 
the  simulation  doesn't  take  into  account  the  ground  influence  on  the  antenna 
response. 


Figure  3  —  Simulated  magnitude  and  phase  versus  frequency  of  the  antenna 
response. 
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To  analyze  the  effects  of  phase  dispersion,  simulations  of  the  step  frequency 
radar  in  the  [500  MHz- 1900  MHz]  have  been  performed  taking  into  account 
the  antenna  response.  Figure  4-a  shows  a  radar  profile  calculated  for  an 
hypothetical  experiment  with  a  perfectly  conducting  plate  buried  at  32  cm 
deep  in  a  non-dispersive  soil  with  an  effective  permittivity  equal  to  4.  It  is 
observed  that  antenna  dispersion  produces  a  of  3  nanoseconds  offset  in  time 
delay,  a  loss  in  range  resolution  and  finally  an  increase  of  ringing  lobes. 

A  similar  scenario  has  been  measured  to  compare  with  the  previous  case  and 
to  validate  the  antenna  response.  A  radar  profile  in  a  dry  sandy  soil  is 
presented  on  figure  4-b.  A  pit  filled  with  40  cm  of  sand  (200  cm  long,  50  cm 
wide  and  60  cm  deep)  is  used  for  the  experiment.  The  target  is  a  metallic  plate 
buried  at  17  cm.  Antennas  are  placed  10  cm  over  the  ground  surface  and 
spaced  of  36  cm  from  their  center  such  that  the  target  time  range  corresponds 
to  a  depth  of  about  32  cm  in  a  monostatic  configuration. 

It  is  observed  that  the  target  echo  is  shifted  in  time  delay  by  3  nanoseconds 
and  the  range  resolution  is  degraded.  The  simulated  response  has  been  applied 
to  obtain  the  corrected  profile.  This  last  one  is  very  similar  to  the  original  step 
frequency  radar  simulation  of  figure  4-a  without  antenna  effects,  except  a 
smdl  time  range  offset  of  one  nanosecond  which  can  be  explained  by  the 
mechanical  uncertainties  of  the  measurement  bench.  However,  parasitic  echos 
due  to  the  bottom  of  the  pit  and  of  the  air  soil  interface  make  the  ringing  lobe 
correction  efficiency  difficult  to  estimate. 


b) 


Figure  4  — a)  Simulated  radar  profile  without  antenna  effects  (black)  and 
with  antenna  effects  (gray),  b)  Measured  radar  profile  without  antenna 
correction  (black)  and  with  antenna  correction  (gray). 
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4.  Leakage  signal  reduction 


The  antenna  efficiency  in  the  buried  anti-personnel  mines  detection  is 
determined  by  the  level  of  the  leakage  signal  which  is  due  to  the  antenna 
cross-coupling  and  to  the  reflection  on  ground  surface.  An  analysis  of  this 
signal  is  proposed  in  figure  5  from  measurements  with  the  antennas  placed  10 
cm  over  the  ground.  The  leakage  signal  and  the  bottom  of  the  sand  pit  signal 
are  separated  in  the  time  domain  using  a  radar  time  delay  profile. 


Figure  5 -a)  Leakage  signal  versus  frequency  for  antennas  parallel  to  the 
ground  surface,  b)  Leakage  signal  versus  frequency  for  antennas  with  a  tilt 
angle  of  10°. 


Figure  5-a  shows  the  evolution  of  the  leakage  signal  for  different  ground 
moisture  when  antennas  are  parallel  to  the  ground  surface.  A  cross-coupling 
isolation  around  60  dB  is  achieved.  The  specular  reflection  concerns  mainly 
the  highest  frequencies  of  the  band  (over  1  GHz)  and  its  sensitivity  with  the 
ground  moisture  is  observed.  Indeed,  the  reflection  level  increases  by  5  dB  at 
1.5  GHz  for  a  wet  sand,  and  by  10  dB  at  1  GHz  for  a  sand  saturated  with 
water.  Hence,  we  can  expect  a  limitation  in  mine  detection  efficiency  in  wet 
soil. 

To  overcome  this  problem,  antennas  have  been  mounted  with  a  10°  boresight 
angle  with  respect  to  the  vertical,  resulting  in  a  80°  incidence  on  the  ground 
surface.  Figure  5-b  shows  that  the  leakage  signal  has  decreased  by  about  5  dB 
in  dry  sand  above  1.3  GHz.  An  increase  of  only  5dB  is  noticed  for  a  sand 
saturated  with  water.  To  verify  the  interest  to  use  tilted  antennas  in  terms  of 
signal  to  clutter  ratio,  measurements  are  presented  on  figure  6  when  antennas 
are  slid  over  the  ground  surface  with  a  plastic  mine  and  a  metallic  mine  buried 
at  3  cm.  The  curves  represent  the  power  versus  distance  along  the  horizontal 
measurement  axis  at  the  mine  depth  radar  range  bin. 
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Plastic  AP  mine  Metallic  AP  mine 


Figure  6  -  Power  measured  at  mine  depth  radar  range  bin  when  antennas 
incidence  angle  is  90°  and  80°  for  a  slightly  wet  sand  and  a  wet  sand. 

The  general  effect  of  the  tilt  is  to  reduce  the  clutter  level  by  about  5  dB  in 
slightly  wet  sand  and  2  dB  in  wet  sand.  An  improvement  of  the  signal  to 
clutter  of  about  2  dB  is  observed  when  antennas  are  tilted.  It  is  observed  that 
plastic  mines  return  more  power  when  the  soil  is  wet  that  when  it  is  dry. 
Indeed,  the  plastic  mine  RCS  is  strongly  dependant  of  the  soil-plastic  contrast. 

5.  Frequency  selection  for  AP  mine  detection 

Even  with  a  tilt  angle,  the  signal  to  clutter  ratio  is  too  small  to  achieve  a  good 
detection.  The  total  frequency  band  has  been  decomposed  in  three  sub-bands 
of  500  MHz  to  analyze  the  frequency  dependence  in  the  mine  detection 
process. 


Figure  7  -  Power  measured  at  mine  depth  radar  range  bin  for  several 
frequency  band  in  a  dry  sand  (left)  and  in  a  wet  sand  (right). 

Figure  7  shows  the  power  returned  along  the  horizontal  axis  at  the  mine  depth 
radar  range  bin  for  a  plastic  and  a  metallic  AP  mine  in  a  dry  and  a  wet  sand  for 
several  operating  frequency  bands. 
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The  measurements  show  that  the  mines  return  more  energy  in  the  [1500  MHz- 
2000  MHz]  frequency  band  and  a  signal-to-clutter  ratio  of  8  dB  in  dry  sand 
and  4  dB  in  wet  sand  is  achieved  in  this  band.  The  leakage  signal  is  stronger  at 
higher  frequencies,  especially  in  the  [1000  MHz-1500  MHz]  frequency  band. 
The  leakage  is  the  smallest  between  500  MHz  and  1000  MHz  but  the  targets 
return  very  few  energy  at  these  frequencies.  Finally,  the  poor  detection  results 
with  the  whole  frequency  bandwidth  can  be  explained  by  the  role  of  each  sub¬ 
bands. 


Figure  8  represents  two  ground  penetrating  radar  images  for  a  plastic  and  a 
metallic  mine  with  antennas  placed  10  cm  above  the  ground,  with  a  10°  tilt 
angle  and  for  the  [1500  MHz-2000  MHz]  operating  frequency  band. 


Figure  8  -  Radar  images  of  a  plastic  mine  (P)  and  a  metallic  mine  (M)  in  a 
dry  sand  (left)  and  in  a  wet  sand  (right). 

The  mines  appear  clearly  on  the  images.  The  air-soil  interface  and  antenna 
cross-coupling  echo  is  more  than  5  dB  below  the  mine's  level  in  the  case  of  the 
dry  soil  and  it  just  begins  to  rise  on  the  wet  sand  radar  image. 

6.  Conclusion 

Equiangular  spiral  antennas  have  been  built  and  used  in  the  [500  MHz  -  2000 
MHz]  for  the  detection  of  buried  anti-personnel  mines  with  a  step  frequency 
ground  penetrating  radar.  The  dispersive  effect  of  the  antennas  has  been 
characterized  with  simulations  and  then  applied  to  radar  profiles  with  success. 
It  is  shown  that  a  10°  tilt  angle  reduces  the  reflection  on  the  ground  surface  by 
about  5  dB  but  this  is  not  enough  to  provide  a  satisfactory  signal-to-clutter 
ratio.  At  last,  a  frequency  sub-band  analysis  shows  that  the  best  results  are 
obtained  between  1500  MHz  and  2000MHz.  Finally,  a  clutter-to-signal  ratio  of 
8  dB  in  dry  sand  and  4  dB  in  wet  sand  has  been  obtained  for  the  plastic  mines. 


476 


Normalized  magnitude  (dB) 


7.  References 


[1]  Second  International  conference  on  the  detection  of  abandoned  land 
mines,  Edinburgh,  UK,  12- 14  October  1998. 

[2]  L.  Carin,  N.  Geng  and  al.,  "Ultra-Wide-Band  Synthetic- Aperture  Radar  for 
mine  field  Detection",  IEEE  Antennas  and  Propagation  Magazine,  Vol.  41, 
N°l,  pp.  18-33,  February  1999. 

[3]  A.P.  Freundhorfer,  K.  lizuka  and  al.,  "Step-frequency  radar".  Journal  of 
Applied  Physics,  N°58,  pp.2572-2583,  1984. 

[4]  R.  Bawer,  J.J.  Wolf,  "  A  Printed  Circuit  Baiun  for  Use  with  Spiral 
Antennas",  IRE  Trans,  on  microwave  Theory  and  Technology,  pp.  319-325, 
May  1960. 


477 


ULTRA-WIDE  BAND  IMPULSE  ANTENNAS 
FOR  SUBSURFACE  RADAR  APPLICATIONS 


Anatoliy  Boryssenko,  Vladislav  Tarasuk 
Scientific-research  company  “Diascarb”, 

P.O.  Box  370,  Kyiv,  253222,  Ukraine, 

E-mail:  diascarb@public.ua.net 

Abstract:  The  impulse  antennas  operate  in  transient  non-stationary  mode 
demands  special  cares  in  contrast  to  common  antennas  with  sinusoidal 
excitation.  At  the  same  time,  such  impulse  antennas  applied  in  high 
resolution  videopulse  subsurface  (ground-penetrating)  radar  should  be 
functioned  near  a  border  between  two  media  with  quite  different  electrical 
properties.  As  a  rule,  the  lower  dielectric  half-space  under  radar  antenna  is 
its  strong  disturbance  factor  that  in  turn  causes  serious  modification  of  total 
radar  performances.  Both  the  theoretical  and  the  experimental  approaches 
will  be  employed  for  those  antenna  investigations.  The  theoretical  studies  to 
simulate  impulse  antennas  are  based  on  developed  approximated  approaches 
originated  from  simplest  monopole  antenna.  The  experimental  technique 
includes  a  set  of  impulse  antenna  prototypes,  transmitter  and  receiver 
electronics,  as  well  as  other  electronics  and  software  components  for  time- 
domain  antenna  testing.  The  final  goals  of  presented  studies  involves 
estimation  of  impulse  antenna  performances  with  unavoidable  influences  of 
sounding  medium  and  minimization  of  such  negative  effects  on  all  possible 
stages  like  antenna  design,  in  process  of  radar  antenna  operation  and  post¬ 
processing  of  radar  data  registered. 

1.  Problem  Background 

Subsurface  (ground-penetrating)  radars  of  the  50  MHz  -  5  GHz  operation 
frequency  band  are  at  present  a  rapidly  growing  smart  technology  of  remote 
noninvasive  sensing  and  imaging  applied  to  study  the  Earth  interior  regions,  as 
well  as  other  opaque  media  like  rocks,  brick  and  concrete,  snow,  vegetation  and 
so  forth  [1].  In  order  to  achieve  high  spatial  resolution  in  radars,  ultra-wide  band 
(UWB)  sounding  signals  are  used  implemented  in  time-domain  region  by 
videopulse  signals  (signals  without  frequency  carrier  or  nonsinusoidal  signals  [2]), 
which  form  by  shock  excitation  of  antennas.  UWB  features  of  radar  signal  can  be 
implemented  in  frequency  domain  (FD)  also  by  frequency  synthesis  of  a  short- 
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pulse  but  this  case  is  not  considered  here.  Subsurface  radar  antennas  with  impulse 
excitation  in  TD  are  subject  of  presented  studies. 

It  is  certain  that  radar  antennas  are  ones  of  the  key,  critical  for  some  cases, 
component  of  radar’s  equipment  determined  the  main  system  features  like 
performance  factor,  receiver-operating-characteristics  [3]  etc.  In  contrast  to 
common  radar  in  free-space,  radars  discussed  should  operate  near  a  border  of  the 
tv/o  half-spaces  “air  medium  -  subsurface  medium”  like  shown  conditionally  in 
Fig.  1.  Such  radar  arrangement  causes  serious,  stochastic  as  a  rule,  perturbation  of 
anteima’s  features  due  to  homogenous  sounding  medium  and  its  rough  surface,  as 
well  as  complex  modes  of  wave  propagation  and  scattering. 


Fig.  1.  Common  subsurface  radar  arrangement  in  bistatic  mode  with  spatially- 
diversity  of  transmitting  (Tx)  and  receiving  (Rx)  antennas  to  study  hidden 
structure  of  lower  uniform  medium  with  dielectric  constant  s  and  attenuation 
factor  r  where  buried  object  is  located  and  should  be  detected. 

In  spite  of  the  large  amount  of  works  on  impulse  antennas  and  similar  TD  topics 
[4-7],  the  authors  have  not  be  able  to  locate  any  research  where  consideration  of 
problem  was  preferable  for  own  research  and  design  practice  due  to  complexity  of 
theoretical  approaches  based  on  complex  mathematical  models  and  computer 
simulation  techniques.  This  paper  is  devoted  to  obtain  simple  general  models  of 
impulse  anteimas  in  TD  with  clear  physical  picture  of  events  to  apply  for  wide 
range  of  problems  connected  with  application  such  anteimas  in  subsurface  radars. 
Developed  antennas  and  other  equipment  employed  for  experimental  verification 
are  presented  and  discussed  in  this  paper  as  well  as  results  of  testing  obtained. 
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2.  Basic  Aspects  of  Studied  Problem 

2.1.  Time-domain  studies  versus  frequency-domain  one 

Let  note  that  waveform  transformation  due  to  inherent  physics  of  transient 
electromagnetics  [1,5,10,11]  is  principal  moment  of  impulse  UWB  antenna 
operation.  So  TD  approaches  should  be  more  adequate  for  estimating 
performances  of  such  antennas  in  contrast  to  FD  studies  while  from  general  point 
of  view  a  impulse  response  in  TD  and  a  complex  spectral  frequency  response  in 
FD  are  mathematically  equivalent.  As  for  complexity  of  problems  under 
consideration  some  heuristic  methods  seems  reasonable  to  apply  them  for  antenna 
design  in  TD  due  to  more  evident  physical  meaning. 

2.2.  External  antenna  operation  modes 

There  are  the  three  possible  positions  of  subsurface  radar  antenna  near  a  sounding 
opaque  medium.  These  settings  differ  by  criterion  how  strong  effects  of  antenna 
performances  modification  by  medium  are  expressed.  The  first  usual  operation 
mode  is  one  that  radar  antenna  is  laid  directly  on  surface  and  strongly  disturbed  by 
it.  This  mode  can  be  called  “stand-on”  or  an  applicator  mode  and  it  is  preferable 
due  to  better  coupling  between  anterma  and  subsurface  medium  arises  from 
focusing  effects  of  dielectric  constant  difference.  At  the  same,  such  mode  is 
unfavorable  because  effects  of  random  rough-surface  perturbation  and  influence 
of  vegetation.  Antenna  hanging  over  searching  area  at  short  distance  [9]  is 
specific  for  the  second  mode  that  can  be  called  as  “stand-over”  mode,  which  is 
applied,  for  example,  in  hand-held  demining  subsurface  radars.  This  antenna 
setting  is  less  sensitive  to  impact  of  medium  but  with  more  scattering  effect 
when  signal  crosses  a  border  between  two  media.  And  the  last  third  mode  is 
characterized  by  such  distance  between  antenna  and  medium  when  antenna 
features  are  not  disturbed  by  sounding  half-space  that  can  be  titled  as  “stand-off” 
mode.  Due  to  inherent  large  diameter  of  foot-print  of  impulse  antenna,  a  strong 
background  scattering  takes  place  in  this  mode  demanding  special  cares  at  the 
system  algorithm  level.  It  seems  reasonable  here  to  analyze  firstly  the  third  mode 
without  influence  of  sounding  media  on  antenna  performances  and  later  with  such 
effect  because  there  are  some  principal  aspects  of  TD  impulse  antennas,  which  are 
common  for  all  modes. 

2.3.  Internal  antenna  operation  modes 

A  some  classification  of  operation  modes  of  impulse  antennas  can  be  based  on  the 
features  of  their  excitation.  The  last  is  determined  by  impedance  matching  of  both 
the  arms  of  antenna  achieved  like  in  Fig.  2  for  a  simplest  monopole  antenna.  Let 
note  that  matching  of  opened  end  of  antenna  is  provided  by  lumped  or  distributed 
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resistive  loading  while  matching  of  antenna  terminal  port  is  put  into  practice  by 
special  transmitter/receiver  microwave  electronics  circuits  used.  The  single-  and 
double-passing  modes  are  used  only  for  subsurface  high-resolution  radars  because 
UWB  features  can  be  achieved  in  these  ways  while  multiple  passing  produces 
signal  stretching  in  time  or  equivalent  spectrum  contraction.  In  fact,  multiple¬ 
passing  excitation  or  standing-wave  mode  is  stationary  operation  mode  of 
sinusoidal  excitation  antennas.  Notice  resulted  waveform  in  the  single-passing 
mode  is  determined  by  initial  signal  waveform  and  antenna  features  while  in  the 
two-passing  mode  antenna  is  key  wave-forming  element.  It  is  evident  that  due  to 
impossibility  of  ideal  anteima  matching  its  real  operation  is  always  characterized 
by  presence  of  multiple-passing  excitation  bom  so-called  antenna  ringing  [1]. 


r . . ' 

cin  c_ 


Fig.  2.  Excitation  modes  of  impulse  monopole  antenna  due  to  its  matching: 
a)  single-passing  or  traveling-wave,  b)  double-passing,  c)  multiple-passing. 


2.4.  Geometrical  structures  of  antennas  under  investigation 

Fig.  3  shows  the  basic  configurations  of  antennas  applied  for  subsurface  impulse 
radars.  These  antennas  are  symmetrical  center-feed  ones.  The  dipole  and  bow-tie 
antennas  studied  in  detail  throughout  this  paper  are  preferable  for  operation  in  the 
stand-on  mode  while  a  TEM-hom  like  antenna  is  preferred  in  stand-over  and 
stand-off  modes.  At  the  same  time,  dipole  and  bow-tie  antennas  can  operate  in  the 
single-  and  double-passing  excitation  modes  discussed  above  while  horn  antenna 
is  more  preferable  in  the  single-passing  or  traveling-wave  excitation  mode.  Real 
antenna  geometry  has,  as  a  rule,  more  complex  stracture  than  one  in  Fig.  3  forced 
by  application  of  reflector,  shielding  and  other  design  approaches  to  improve 
antennas  performances  like  demonstrated  later  in  sections  5  and  6. 


a)  b)  c) 

Fig.  3.  Commonly  used  in  subsurface  radar  impulse  antennas  with  central  feeding: 
a)  dipole  antenna;  b)  bow  -tie  antenna;  c)  TEM  hom-like  antenna. 
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3.  Antenna  Research  Strategy 

3.1.  Free-space  antenna  operation 

Let  consider  firstly  the  main  regularities  that  are  common  for  UWB  impulse 
antennas  with  shock  excitation,  which  operate  in  the  free  space.  Such  regularities 
are  valid  for  antenna  behaviour  near  a  border  between  two  dielectric  half-spaces 
too.  At  the  same  time,  those  regularities  are  quite  different  to  ordinary  antennas 
with  sinusoidal  excitation: 

1)  working  features  of  impulse  (videopulse)  antenna  are  determined  by  transient 
behavior  implemented  in  act  of  short-time  shock  excitation; 

2)  shock  excitation  of  transmitting  antenna  is  due  to  impulse  driving  source  while 
receiving  antenna  is  excited  by  an  incident  impulse  electromagnetic  field; 

3)  a  key  moment  of  impulse  antennas  operation  is  given  transformation  of 
signal’s  waveform  due  to  inherent  physics  of  transient  antennas; 

4)  transmitting  and  receiving  antennas  demonstrate  different  features  and  a 
reciprocity  principle,  used  widely  for  sinusoidal  antennas,  is  not  applied  in  this 
case  at  all  and  both  antennas  demand  special  cares  to  explore  them  [11]; 

5)  waveforms  of  anteima  radiating  and  receiving  signals  are  strictly  dependent  on 
spatial  position  of  observation  point; 

6)  pattern  of  impulse  antennas  in  the  far-range  can  be  described  by  energy  pattern 
[10]  characterized  by  wide  beam-width  or  large  foot-print  of  antenna; 

7)  such  antennas  can  implemented  in  practice  by  their  integration  with  front-end 
electronics  of  transmitter  and  receiver  like  so-called  active  antennas. 

3.2.  Antenna  functioning  near  a  border  of  two  dielectric  half-spaces 

Theoretical  studies  and  numerical  simulations  are  dominant  now  in  literature 
about  UWB  antennas  operating  in  TD  near  a  border  between  the  two  dielectric 
half-spaces  and  only  in  a  few  papers  experimental  approaches  are  under 
investigations.  One  of  the  research  methodology  applied  to  investigate  such 
antennas  in  TD  is  one  that  based  on  application  of  special  testing  arrangement  like 
“sand-box”  [4].  But  from  the  authors’  point  of  view  this  method  is  not  effective  in 
principle  because: 

1)  real  operation  condition  is  more  complex  than  any  artificial  one  in  sand-box 
due  to  inherent  internal  homogeneoty,  rough  surface  and  near  surface  clutters; 

2)  registration  of  signal  waveform  inside  sounding  media  by  probe  spaced  in  it, 
employed  in  sand-box  studies,  is  time-consuming  and  impossible  for  wide 
range  of  distances  and  observation  angles; 

3)  any  transient  probe  applied  in  such  measurement  assembly  is  characterized  by 
its  own  unavoidable  waveform  transformations  as  well,  especially  under 
perturbation  of  surrounding  medium  where  such  probe  should  be  implemented. 
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Moreover,  application  of  subsurface  radars  in  practice  has  very  specific  features 
that  can  not  be  involved  properly  in  the  sand-box  arrangement.  These  important 
features  include  the  three  kinds  of  wave  events  registered  in  bistatic  antenna  set¬ 
up  (Fig.  1)  like  shown  schematically  in  Fig.  4:  1)  scattering  wave  events  produced 
by  subsurface  targets  and  scatterers,  2)  direct  coupling  waves  between 
transmitting  and  receiving  antennas,  3)  lateral  waves  that  are  very  common  event 
for  real  radar  operation  [13].  As  seen  in  Fig.  4,  useful  wave  component  bom  by 
lengthy  target  is  superposition  of  signal’s  replicas  due  to  partial  scattering  by 
pieces  of  a  buried  target  thanks  inherent  large  diameter  of  impulse  antenna  foot¬ 
print  mentioned  above.  Separation  of  those  replicas  to  restore  real  geometry  of 
target,  as  well  as  to  take  into  consideration  others  indicated  events,  are  not 
possible  for  single  point  measurement.  This  enables  by  post-processing  of  radar 
data  obtained  for  some  set  of  measurement  points,  which  implement  in  fact  by  the 
synthetic-aperture  technique  in  2-D  or  3-D  mode.  So  it  is  necessary  to  estimate 
influence  of  anteimas  on  radar  performances  including  post-processing  aspects. 

To  do  this  the  antennas  discussed  should  be  studied  in  operation  conditions 
similar  to  real  one  by  the  proposed  research  approaches: 

1)  developed  theoretical  models  must  be  used  to  predict  basic  physical  regularities 
of  impulse  antennas  behavior  by  their  computer  simulation; 

2)  results  of  simulations  should  be  supplemented  or  corrected  with  consideration 
of  experimental  or  measured  real  data; 

3)  the  measurement  should  be  implemented  initially  in  air-filled  operation 
environment  for  simplicity  reason  being  applied  to  radio  wireless  link  formed 
by  two  impulse  antennas; 

4)  influence  of  real  operation  condition  due  to  sounding  medium  can  be  estimated 
by  special  experimental  approaches,  which  in  fact  are  based  on  subsurface 
radar  arrangements  where  possibility  to  set  various  operation  modes  of 
antennas  should  exist  -without  direct  measurement  in  operation  medium,. 


Fig  4.  Classification  of  wave  events  in  bistatic  antenna  arrangement  over  sounding 
medium  where  1-  scattered  waves,  2  -  direct  coupling  waves,  3-lateral  waves. 


483 


4.  Theoretical  Concepts  of  UWB  Impulse  Antennas 
4.1.  Monopole  as  basic  antenna  structure 

Monopole  antenna  in  Fig.  5a,  as  a  thin  linear  perfectly  conducting  wire,  can  be 
treated  as  a  simplest  basic  element  to  build  and  study  other  antennas  with  more 
complex  shapes  like  ones  in  Fig.  5c.  For  example,  an  asymmetric  dipole  antenna 
can  be  considered  as  combination  of  two  opposite  exited  collinear  monopoles  as 
seen  in  Fig.  5b.  Other  practically  important  center-fed  antennas  in  Fig.  5c  with 
complicated  shapes  include  symmetrical  dipole,  V-shaped  dipole,  bow-tie 
antenna,  and  TEM  hom-like  antenna.  It  is  evidently  that  those  antennas  are 
originated  directly  from  monopole  one  by  its  corresponding  step-by-step 
complications.  The  last  approach  enables  to  investigate  real  geometry  of  UWB 
antennas  in  Fig.  3  without  sufficient  time  spending  based  on  monopole  analysis. 


c) 


Fig.  5.  (a)  General  geometry  of  radiation  problem  under  consideration  for 
monopole  of  length  La=L2-Ll  exited  by  transient  signal  s(t)  at  feeding  point 
l=Ll .  (b)  Representation  of  asymmetric  dipole  antenna  as  combination  of  two 
opposite  exited  collinear  monopole  antennas,  (c)  The  series  of  antenna  wire-like 
structures  originated  from  monopole  antenna  by  its  step-by-step  complications 
(dipole,  V-shape,  bow-tie,  TEM  horn). 
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Formally,  monopole  antenna  in  Fig.  5a  thanks  to  simplicity  of  its  geometry  can  be 
studied  analytically  to  obtain  all  necessary  expressions  for  antenna  performances 
in  the  near-  and  far-field  regions.  Features  of  complex-shaped  antennas  can  be 
expressed  as  vector/scalar  sums  of  corresponding  features  of  elementary 
monopole’s  anteimas,  which  form  complex-shaped  one.  Let  note,  that  proposed 
approach  is  similar  to  one  applied  before  to  sinusoidal- wave  antennas  in  FD  [8]. 

The  monopole  anteima  in  Fig.  5a  is  excited  in  the  its  feed  point  2  =  Z/  by  a 
current  of  definite  waveform  s(t)  with  transient  nature.  Antenna’s  excitation  is 
considered  as  a  traveling-wave  current  pulse  by  the  expression  s(t-l/c)  as  temporal 
and  spatial  function,  where  c  is  the  ffee-space  light  velocity.  An  edge  effect,  when 
current  pulse  reaches  the  second  opened  end  of  antenna  at  2  =  Z2,  can  be  involved 
in  similar  manner  as  some  repeated  excitations  of  anterma  with  opposite  directed 
wave,  as  well  as  all  subsequent  excitation  due  to  opened-end  reflections.  As  result 
of  such  excitation,  a  current  pulse  is  propagated  along  antenna  produced  a 
electromagnetic  field  in  external  space.  It  is  necessary  to  determine  this  radiated 
field  and  its  dependence  versus  problem’s  parameters,  like  anteima  geometry  La  = 
L2  -  LI,  kind  of  excitation  waveform  s(t),  arbitrary  spatial  coordinate  of  field 
observation  point  assigned  by  the  Cartesian  coordinates  {x,y,z}  or  the  spherical 
ones  \p, &,(/>],  and  arbitrary  moment  of  time  t  given.  In  accordance  to  the  basic 

principles  of  electromagnetics  [14],  to  study  a  radiated  electromagnetic  field  of 
monopole,  one  can  use  the  vector  of  magnetic  potential  for  linear  finite-size 
straight  segment,  i.e.  monopole.  In  the  force  of  task’s  axial  symmetry  only  the  Az 
component  of  the  problem’s  magnetic  potential  vector  exists: 
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where  R  is  distance  from  the  original  of  the  coordinate  system  to  spatial 
observation  point  where  electromagnetic  radiation  is  observed: 


R  s  R{p,@,l)  =  ^(psia&y  +  (p cos @-iy 


(2) 


The  radiated  vector  electromagnetic  field  is  determined  by  the  system  of  the 
Maxwell  equations  that  can  be  solved  versus  the  magnetic  vector  potential  (1).  So, 
a  magnetic  vector  component  of  the  radiated  field  is  expressed  as  [14]: 
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where  lx,ly,h  denote  the  unit  vectors  of  the  corresponding  axes  of  the  Cartesian 
coordinates.  An  electrical  radiated  field  component  is  determined  like: 


(4) 


For  instance,  after  some  not  complicated  analytical  transformation  the  principal 
elevation  electric  £"0  component  of  TD  radiated  field  can  be  expressed: 


The  expression  (5)  and  similar  ones  for  all  electromagnetic  field  components  can 
be  employed  easy  for  TD  antenna  studies  by  application  of  universal 
mathematical  software  like  Mathcad,  Maple,  Matlab,  Mathematica  etc.  One  can 
obtain  important  valuable  data  in  this  maimer  that  will  be  not  evident  from 
numerical  techniques  like  finite  difference  time  domain  (FDTD)  without 
tremendous  programming  and  computing  efforts.  Using  opportunities  of  modem 
computer  algebra  system  offers  analytical  investigation  of  the  3-D  TD  vector 
electromagnetics  problems  to  imderstand  general  physics  of  problems.  It  is 
possible  due  to  capabilities  of  mentioned  above  computer  mathematics  to  solve 
within  a  uniform  framework  of  used  software  the  three  important  for  research: 
symbolic  manipulations,  numerical  computations  and  visualization  of  results. 

4.2.  Some  simulating  results  for  transmitting  monopole 

Starting  from  (5)  by  employment  of  Mathcad  or  other  math  software  it  is  possible 
to  explore  fundamental  features  of  TD  electromagnetics  concerning  spatial- 
temporal  wavelet  transformation  in  impulse  antennas.  Some  of  those  features 
listed  shortly  in  subsection  3.1  are  shown  and  discussed  below.  Note  that 
proposed  approach  is  more  easy  in  implementation  than  other  known  ones  [5-7] 
with  complex  formal  techniques  and  time-spending  programming  and  computing. 

The  two  additive  components  in  (5)  can  be  easy  interpreted  as  far-  and  near-field 
components.  Fig.  6  shows  the  “near-to-far-field  transformation”  effects  in  impulse 
monopole  antenna  with  single-passing  excitation  by  the  1 -nanosecond  Gauss 
pulse.  The  presented  data  allow  estimating  a  some  “empirical”  criterion  of  the  far- 
field  range  that  corresponds  to  the  distance  between  antenna  and  observation 
point,  which  is  equal  or  more  than  ten  times  of  antenna  linear  dimension. 
Qualitative  sign  of  the  far-field  range  is  symmetrical  radiated  wavelet  as  seen  in 
Fig.  6.  A  set  of  antenna  energy  patterns  for  various  antenna  lengths  is  presented  in 
Fig.  7  that  are  physically  evident  like  for  any  traveling-wave  antenna.  The  energy 
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patterns  for  dipole  antennas,  for  instance,  are  demonstrated  in  Fig.  8  where  form 
of  antenna  pattern  change  from  single-  to  double-lobe  shape  while  anteima  length 
is  growth.  In  order  to  give  direction  of  maximum  radiation  of  such  antenna  at 
elevation  angle  6>=90®  we  must  transform  it  in  V-shape  or  horn  antenna  with  apex 
angle  1 80°-  6>o,  where  6>o  is  angle  between  split  lobes  of  pattern  in  Fig.  8. 


Near-Range 


Fig.  6.  Near-to-far-field  range  transformation  in  impulse  monopole  antenna  with 
single-passing  excitation  by  the  1 -nanosecond  Gauss  pulse. 

ICO  80 


Fig.  7.  E-plane  energy  patterns  of  impulse  monopole  antenna  of  various  length 
with  single-passing  excitation  by  the  1 -nanosecond  Gauss  pulse. 
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Generally  speaking  the  principal  features  of  impulse  antennas  include:  l)signal 
waveform  versus  spatial  coordinates  of  observation  point,  2)energy  pattern, 
3)gain,  4)efficiency.  Some  of  those  features,  requiring  special  detailed  separated 
considerations,  have  been  studied  successfully  on  Ae  base  of  developed 
approaches  and  depend  strongly  on  such  antenna  initial  properties  like: 

1.  General  geometry:  monopole,  dipole,  V-shape,  bow-tie,  hom-antenna. 

2.  Additional  construction  elements:  reflector,  shielding,  etc. 

3.  Excitation  mode:  ideal  and  non-ideal  single-  and  double-passing. 

4.  Antenna  functioning:  radiation,  reception,  wireless  link  -with  the  antennas. 

5.  Waveform  of  exciting  signal:  short  or  long,  symmetrical  or  asymmetrical  etc. 
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Fig.  8.  E-plane  energy  pattern  of  impulse  dipole  antenna  of  various  length  with  its 
single-passing  excitation  by  the  1 -nanosecond  Gauss  pulse. 


4.3.  Far-field  region  approximations 

It  is  possible  to  obtain  the  far-field  region  approximation  for  radiated  impulse 
field  of  monopole  antenna  [1 1].  For  example,  an  elevation  electric  component  of 
the  electromagnetic  field,  produced  by  a  monopole  antenna  in  the  far-field  region 
of  free  space  (Fig.  5a)  under  travelling-wave  excitation  (Fig.  2a)  by  an  impulse 
signal  with  waveform  s(t)  ,  can  be  expressed: 
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sin  0  f  >0  p  La  1 

E,(.p.&ALa)=j^^  ■  1^,--)-^,---— (l-cose))|  (6) 

Similarly,  a  load  current  (voltage)  of  monopole  receiving  antenna  with  traveling- 
wave  excitation  mode,  excited  by  external  incident  plane  electromagnetic  wave 
with  impulse  waveform  E(t),  is  determined  like  [11]; 

{t,  @,La)^  -  Lu/c)  -  -  Laj c  •  cos  0)1  (7) 

1  — COS0 

where 

e{t)  =  \E{t)dt .  (8) 

Note,  that  the  presented  expressions  (6)  and  (7)  demonstrate  similar  general  form 
but  quite  principal  difference  concerning  regularities  of  transformation  of  primary 
waveforms  of  exciting  signals  due  to  integration  (8)  in  (7).  So  die  classical 
principal  of  reciprocity  used  widely  for  sinusoidal  antennas  is  not  applicable  in 
this  case  at  all.  Some  differences  between  transmitting  and  receiving  antennas  are 
summarizied  in  Table  1  where  the  following  auxiliary  expressions  are  used: 

7’(©)  =  sin© /(I  -  COS0)  (9) 

is  the  pattern  function  common  for  both  trasmitting  and  receiving  antennas, 

F(j(D,@)  =  T{@)[l-Qxp{-jmLa/ c(l-cos©)}]  (10) 

is  the  ordinary  complex  pattern  function  for  traveling-wave  linear  antenna  with 

sinusoidal  excitation.  Ssijm),  S^U^)  complex  spectra  resulted  from  the 
Fourier  transform  of  the  exciting  signal  s(t)  and  E(t)  for  corresponding  antennas. 
Table  1  illustrates  also  connection  of  antenna  representation  in  TD  and  FD,  as 
well  as  behavior  of  electrically  short  antennas  used  as  field  probes. 


Table  1. 


Transmitting  Monopole 
Far-region  Waveform 

Receiving  Monopole 

Antenna  Load  Voltage 

Time 

Domain 

~  r(©)  •  |j(0  cos©))| 

-  r(©)  •  |e(0  -  ^  (1  -  cos  ©))| 

Frequency 

Domain 

~  F(/c7,©)  •  5  s{jm) 

■  Seijm) 
jtu 

Short 

Probe 

sin(0)  •  y  (r) 

~  sin(©)  •  E{t) 
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4.4.  Influence  of  operation  media 

Environmental  effects  on  antenna’s  features,  caused  by  a  sounding  medium  with 
its  quite  different  electrical  properties  in  contrast  to  the  air-filled  upper  half¬ 
space,  are  significant  aspect  to  study  them.  In  general,  this  problem  is  complex 
electromagnetics  one,  but  there  are  some  opportunities  to  solve  it  approximately 
based  on  an  approach  under  simplified  assumption  about  uniform,  isotropic,  non- 
disperse  nature  of  subsurface  medium.  Estimating  of  the  modified  antenna 
features  can  be  implemented  with  consideration  of:  1)  slow-wave  factor,  2)  input 
impedance  and  3)  pattern,  which  can  be  involved  in  studies  by  model  of 
equivalent  transmission  line  in  Fig.  9.  A  slow-wave  modifies  a  velocity  of 
excitation  signal  in  antenna  and  offers  possibility  to  evaluate  focussing  effects, 
produced  by  a  redistribution  of  electromagnetic  field  energy  in  a  cross-section  of 
equivalent  transmission  line.  The  last  changes  antenna  pattern  doing  it  inward  to  a 
sounding  medium  in  most  degree.  Variations  of  antenna  input  impedance  under  its 
loading  by  dielectric  half-space  should  be  studied  to  estimate  resulting  impedance 
mismatch  between  antenna  and  electronics  circuits  that  is  important  subject  for 
antenna  adaptation  considered  later  in  this  paper. 


Fig.  9.  Equivalent  transmission  line  model  to  estimate  of  modification  of  antenna 
features  due  to  presence  of  the  lower  dielectric  half-space:  (a)  slow-wave  factor, 
(b)  E-plane  energy  pattern,  (c)  H-plane  energy  pattern. 
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5.  Experimental  TD  Techniques  for  Examination  of  Impulse  Antennas 
5.1.  Concept  of  active  antennas 

Concept  of  active  impulse  antennas,  when  antenna  is  directly  terminated  to 
transmitter/receiver  jfront-end  circuit,  has  been  chosen  as  productive  one  due  to 
possibility  to  reach  high-level  of  antenna  performances  with  excluding  unwanted 
waveform  distortions  caused  by  cable  interconnections  common  for  most 
experimental  studies  [4].  The  positive  feature  of  such  approach  involves  also 
absence  of  traditional  balun  passive  circuit  and  employment  of  active  electronics 
circuit  for  symmetrization  of  antenna  feeding.  Additional  opportunities  for 
adaptation  is  also  accessible  in  this  case.  The  concept  used  is  depicted  by 
convection  in  Fig.  10  for  wireless  link  formed  by  two  antennas  where 
characteristic  waveforms  with  double-passing  excitation  are  shown  too. 


Fig.  10.  Active  anteimas  in  impulse  wireless  radio  link  with  far-field  setting. 

5.2.  TD  antenna  measurement  set-up  on  the  base  of  impulse  radar 
Components  of  modified  subsurface  radar  in  Fig.  1  lhave  been  used  to  implement 
active  transmitting  and  receiving  antennas  as  well  as  total  TD  testing  assembly. 


Tx  Antenna 


Timer  Signal  and 
Power  Supply 


Fig.  1 1 .  General  schema  of  impulse  radar  system  used  for  TD  antenna  testing. 
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In  general,  a  TD  experimental  technique  has  sufficient  benefits  in  comparison 
with  FD  experimental  investigations  due  to  the  fact  that  the  TD  examinations  can 
be  accomplished  in  ordinary  laboratory  rooms  without  necessity  to  use  special 
very  expensive  anechoic  chambers.  In  this  case,  interference  scattering 
electromagnetic  events  caused  by  various  external  objects  inside  laboratoiy  can  be 
eliminated  by  a  simple  temporal  range  gating  applied  to  a  signal  received  [9].  The 
considered  testing  procedures  have  been  conducted  by  a  using  components  of 
own-designed  UWB  impulse  radar  (Fig.  11)  with  a  nanosecond  and 
subnanosecond  impulse  generators,  i.e.  transmitter,  and  a  stroboscopic  receiver 
unit  with  digital  data  registration  by  computer  ADC/DSP  card  and  the  following 
computer  data  storing  and  processing  [12]. 

5.3.  Testing  active  antennas 

Implementation  of  the  radar  schema  in  Fig.  1 1  for  antenna  TD  measurement 
assembly  is  shown  schematically  in  Fig.  12  where  simulated  waveforms  for  the 
two  exciting  signals  are  presented  on  the  definite  stages  of  waveform 
transformation  in  testing  wireless  link.  These  waveforms  correspond  to  the 
double-passing  excitation  of  dipole  antenna  and  have  been  computed  on  the  base 
of  the  discussed  above  theoretical  models.  Practical  realization  of  the  presented 
antenna  TD  measurement  assembly  is  shown  in  Fig.  13  and  in  Fig.  14  where 
dipole  anteimas  are  under  examination  in  the  free  space  [12]. 

Photos  in  Fig.  15  demonstrates  the  bow-tie  antenna  with  the  IGHz  middle 
frequency  or  about  equivalent  1  nanosecond  pulse  duration.  And  short-dipole 
antennas  is  in  Fig  16.  Both  antennas  are  connected  directly  to  input  symmetrical 
circuit  of  receiver  with  anti-ringing  input  resistors.  Concept  of  active  bow-tie 
impulse  antenna  with  reflector  is  shown  schematically  in  Fig.  17  and  by  its 
implementation  in  Fig.  18.  An  electronics  plates  of  receiver  and  transmitter  are 
installed  on  the  back  side  of  reflector  making  antenna  compact  and  preferable  for 
free-space  operation,  as  well  as  be  applicable  for  functioning  near  a  border 
between  air  and  lower  dielectric  half-spaces.  Those  antennas  have  been  used  for 
estimation  of  some  antenna  adaptation  opportunities  discussed  later  in  section  6. 

The  next  advanced  version  of  impulse  antennas  for  subsurface  sounding  is 
presented  in  Fig.  19  where  packaged  electronics  modules  of  transmitter  and 
receiver  (Fig.  20)  are  used.  The  receiver  of  this  version  does  not  contain  input 
compensation  resistors  like  previous  one  but  includes  special  input  circuit  resulted 
in  5  dB  noise  figure  in  contrast  to  lOdB  noise  figure  of  receiver  in  Fig.  15-16  with 
input  resistors  included.  Printed  circuit  antenna  is  employed  in  Fig.  19  and  all 
construction  is  covered  by  special  case  to  implement  cavity-backed  antenna. 
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U(t)  ~ 
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Fig.  12.  Schema  of  experimental  set-up  of  impulse  antenna  testing  with  simulated 
waveform:  A  -  testing  antennas,  Tx  -  transmitter  with  exciting  signal  S(t),  Rx  - 
receiver,  E(t)  -  E-far-field  component  of  radiated  field,  I(t)  -  waveform  of  Rx 
antenna  current  induced,  U(t)  -  voltage  waveform  dropped  on  Rx  antenna  load. 
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Fig.  14.  Photo  of  TD  antenna  measurement  assembly  in  a  laboratory  room. 


Fig.  18.  Photo  of  experimental  bow-tie  reflector-backed  antennas  with  transmitter 
and  receiver  electronics  on  rear  side  of  reflector  plate. 


Fig.  19.  Impulse  printed-circuit  antenna  for  subsurface  radar  with  installed 
receiver  or  transmitter  electronics  packaged  module.  Antenna  is  accomplished  by 
etching  below  the  plate  where  electronics  module  is  mounted. 


Fig.  20.  Impulse  transmitter/receiver  electronics  modules  in  the  special  package. 


6.  Experimental  Studies 

The  presented  above  equipment  offers  wide  opportunities  to  study  experimentally 
in  TD  all  aspect  of  impulse  antennas  functioning  including  possibility  of 
examination  of  discussed  above  theoretical  considerations.  For  instance,  in  Fig. 
21a  a  typical  signal  waveform  measured  for  the  free-space  operation  condition  in 
the  far-filed  range  of  the  wireless  radio  link  with  same  bow-tie  antennas  (Fig.  15) 
with  the  Gauss  pulse  double-passing  excitation  is  shown.  The  corresponding 
energy  spectrum  computed  with  evident  UWB  features  is  depicted  in  Fig.  21b. 


The  presented  waveform  in  Fig.  21a  is  similar  in  outward  appearance  to  simulated 
one  in  Fig.  12  for  the  Gauss  pulse  excitation.  Some  inescapable  differences 
between  simulated  and  measured  waveforms  exist,  of  course,  due  to  asymmetrical 
shape  of  experimental  wavelet  and  presence  of  its  additional  ringing  signal 
component  in  Fig.  21a.  Such  differences  are  very  common  when  simulated  and 
measured  data  are  under  comparison  and  forced  by  the  following  reasons:  1)  some 
antenna  pure  symmetry  takes  place,  2)  terminal  matching  is  not  perfect  in  practice, 
3)  setting  of  antennas  in  the  TD  measurement  assembly  is  not  ideal  with  some 
misalignment  of  anterma  beams;  4)  unavoidable  electromagnetic  scattering 
produced  by  neighbor  elements  of  testing  equipment  in  Fig.  14  is  presence.  Other 
important  issues  of  impulse  anterma  operation  in  TD  listed  above  in  subsection 
4.2  can  be  involves  in  experimental  investigations  in  the  similar  ways  due  to 
capabilities  of  developed  measurement  equipment  for  antenna  examination  in  the 
free  space  and  near  a  border  between  two  dielectric  half-spaces. 

At  the  same  time  there  are  some  principal  difficulties  of  experimental  studies  of 
impulse  antennas  operating  near  a  border  between  two  electrically  different  media 
when  anterma  is  disturbed  by  the  sounding  medium.  As  stated  before  direct  TD 
measurement  of  anterma  electromagnetic  fields  in  operation  media  is  very 
complex  expansive  method  with  time  Spending  and  limited  results  obtained.  Let 
present  the  authors’  experimental  approach  that  allows  receiving  practically 
important  data  concerning  anterma  interaction  with  medium  rmder  radar  soimding. 
This  approach  gives  valuable  opportunities  to  study  and  develop  the 
corresponding  antermas  and  electronics  components  by  using  TD  measurement 
assembly  in  the  free  space  described  above.  It  will  be  shown  further  that  this  gives 
additional  opportunities  for  development  of  active  impulse  antermas  with 
adaptation  capabilities. 

The  idea  of  experiments  with  using  of  reflector-backed  bow-tie  antermas  (Fig.  17 
and  Fig.  18)  in  the  firee-space  anterma  measurement  assembly  (Fig.  13)  is  the 
following.  Due  to  discussed  in  subsection  4.4  effects  of  operation  environment  on 
anterma  we  can  study  this  phenomena  separately  in  easy  way  with  the  fi'ee-space 
arangement  to  estimate  total  degradation  of  radar  properties  especially  radar 
performances  factor  or  total  system  energy  potential  [1]. 

The  previous  waveform  in  Fig.  21a  is  depicted  repeatedly  in  Fig.  22a.  The  next 
picture  in  Fig.  22b  contains  the  waveform  registered  in  the  measurement  assembly 
(Fig.  13)  with  the  two  same  bow-tie  antermas  (Fig.  17),  which  are  covered  only  by 
with  foam  plastic  plate,  seen  in  Fig.  18  on  the  right,  with  heterogeneous  stochastic 
dielectric  impurities  with  dielectric  constant  s»4-6.  As  results  of  such  experiment 
we  can  observe  qualitatively  some  degradation  of  registered  waveform  that 
illustrate  effects  of  anterma  random  perturbation. 
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Amplitude,  V 


Fig.  22.  Experimental  investigation  of  the  impulse  antenna  to  estimate  influence 
of  operation  medium  and  adaptation  opportunities. 


Next,  the  horizontal  pair  of  waveforms  in  Fig.  22c-d  reflects  the  situation  when 
reflector  is  setting  at  optimal  distance  (Fig.  22c)  and  when  distance  between 
antennas  and  reflector  is  twice  small  than,  optimal  one  (Fig.  22d).  The  last 
situation  is  very  common  for  subsurface  radar  antennas  like  cavity-  or  reflector- 
backed  bow-tie  ones  (Fig.  17)  with  some  distance  between  reflector  and  antenna. 
This  distance  can  be  optimal  for  definite  operation  condition  like  air-field  medium 
and  is  not  optimal  when  anteima  is  placed  on  a  border  between  two  half-spaces 
with  dielectric  contrast  As>6-9  that  is  common  value  in  subsurface  radar  practice. 
Amplitude  decreasing  in  three  times  takes  place  in  this  case  that  corresponds  to 
about  LI  w  -9dB  of  radar  performances  degradation. 

Effects  of  impedance  mismatch  between  antenna  and  front-end  circuits  of 
transmitter  and  receiver  is  illustrated  in  Fig.  22e-f  relatively  to  fig.  Fig.  22c  with 
optimal  antenna  setting.  As  analyzed  before,  anteima  spacing  near  dielectric  half¬ 
space  has  effect  on  its  characteristic  impedance.  In  place  of  antenna  impedance 
variation  due  medium  loading,  we  change  impedance  of  both  electronic  front-end 
circuits  of  transmitter  and  receiver  where  antennas  are  terminated.  Increasing  by 
two  times  (Fig.  22e)  and  decreasing  by  three  times  (Fig.  22f)  of  such  impedance 
difference  provoke  decreasing  of  resulting  signal  amplitude  registered  in  TD 
measurement  assembly  in  Fig.  13.  This  allows  estimating  system  performances 
factor  degradation  that  amounts  for  this  case  about  L2  «  -6...-9dB. 

Obtained  figure  of  total  radar  system  degradation  due  to  antenna  L=L1+L2  «-15... 
-18  dB  agrees  with  estimation  in  [3]  that  is  sufficient  figure  for  subsurface  radar 
with  total  performance  factor  of  120-140dB  with  the  exception  of  other 
unfavorable  aforementioned  factors.  Note  that  presented  above  experimental 
figures  have  been  obtained  for  subsurface  antenna  measurement  too  by  in  more 
complex  way  accomplished  by  antennas  in  Fig.  18  and  Fig.  19. 

At  the  same  time,  presented  experimental  studies  give  some  opportunities  to  solve 
adaptation  problem  in  subsurface  radar  by  minimization  of  negative  influence  of 
variable  operation  environment  on  antenna  features.  First  of  all,  the  effects  of 
impedance  mismatch  is  overcome  by  electronic  tuning  of  impedance  of  both 
front-end  circuits  of  transmitter  and  receiver  that  can  be  implemented  for  devices 
in  Fig.  20.  Correction  of  changing  of  antenna  electrical  length  disturbed  by 
sounding  medium  can  be  implemented  by  electronically  tuning  of  antenna 
accomplished  as  some  non-linear  active  transmission  line.  This  solution  is  best 
one  among  others  like  mechanical  tuning  of  distance  refelector-antenna  or  using 
some  hypothetical  material  with  variable  dielectric  constant  filled  space  inside 
cavity-backed  antenna  et  cetera.  All  these  issues  of  antenna  adaptation  are  now  in 
progress  and  demands  additional  sufficient  research  efforts. 
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Conclusions 


This  paper  dealt  with  the  task  of  impulse  anteima  studies  in  time-domain, 
espically  antennas  for  subsurface  videopulse  radar  with  transient  functioning  to 
obtain  short-pulse  high-resolution  performances.  One  of  vital  problems  of 
subsurface  radar  aries  from  “antenna-soimding  medium”  interaction  makes  worse 
antenna  features  and  ultimately  total  radar  system  performances.  The  research 
strategy  to  explore  such  antennas,  developed  in  this  paper  and  based  on  discussed 
above  principals,  is  reasonable  and  effective  to  reach  practically  valuable  results. 
Final  goal  of  investigation  conducted  here  is  to  seek  optimal  set  of  technical 
measures  when  subsurface  radar’s  antennas  can  maintain  their  main  operation 
function  in  radar  under  influence  of  unfavorable  working  conditions,  i.e.  to  radiate 
and  to  receive  electromagnetic  signals  with  given  spatial-temporal  features. 

Starting  point  of  studies  of  such  antennas  is  systematization  of  their  internal  and 
external  operation  modes  in  accordance  to  the  realized  electromagnetic  excitation 
and  interaction  with  operation  media.  The  next  important  step  in  this  exploration 
involves  theoretical  models,  which  are  attractive  from  the  authors’  point  of  view 
due  to  their  analytical  simplicity  and  numerical  efficiency  that  allows  employing 
the  universal  mathematical  software  for  their  treating.  The  last  offers  a  problem 
solution  within  single  software  with  key  opportunities  of  symbolic  manipulations, 
numerical  computations  and  visualization  of  results. 

Let  note  that  a  prejudice  exists  that  the  TD  electromagnetics  is  more  complex  to 
explore  than  FD  one.  At  the  same  time,  the  authors  share  opinion  [15]  stated  fifty 
years  ago,  that  direct  investigation  of  TD  electromagnetics  events  by  special 
analytical  and  numerical  methods  allows  obtaining  results  distinguished  by 
amazing  simplicity  of  perception  and  productive  physical  meaning  to  understand 
problem.  The  presented  theoretical  part  of  this  paper  illustrates  this  thesis 
implementation  by  obtaining  valuable  results  with  clears  physical  pictures  of  the 
TD  electromagnetics  phenomena  that  are  important  for  academic  and  engineering 
goals  in  general  meaning. 

As  mentioned  above,  impulse  antennas  are  characterized  by  the  signal  waveform 
transformation  to  ensure  short-time  signal  with  inevitably  low  pattern  features 
reached  simultaneously.  From  philosophical  point  of  view,  one  can  state  that 
some  conservation  law  of  “signal  spatial-temporal  volume”  takes  place.  Namely, 
short-time  signal  can  be  obtained  by  finite-size  electrodynamics  structure  at  the 
sacrifice  of  deterioration  signal  localization  in  space,  i.e.  worsening  of  spatial 
distribution  of  radiated  energy.  In  part,  an  improving  of  spatial  distribution  of 
signal  energy,  i.e.  antenna  pattern,  can  be  reached  at  the  sacrifice  of  signal 
stretching  in  time. 
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Presented  experimental  equipment  is  based  entirely  on  the  components  of  own- 
designed  U'V^  impulse  radar  that  involves  set  of  active  antennas,  and  electronics 
units  of  transmitter,  receiver,  digital  data  registration  and  processing,  computer 
interface  and  signal  processing  software.  The  developed  module  architecture  of 
radar  allows  carrying  out  all  necessary  antenna  TD  studies  in  free-space  and  for 
subsurface  sounding.  Some  experimental  series  have  been  performed  to  confirm 
the  validity  of  the  proposed  theoretical  concepts  and  to  study  experimentally  some 
complex  aspects  of  problems,  including  antenna  disturbance  by  medium  under 
radar  survey.  Numerical  estimation  of  radar  performances  deterioration  due  to 
antenna  improper  operation  has  been  obtained  in  original  way  without  complex 
time-spending  experiments  that  reaches  about  -15...18  dB  for  radar  performance 
factor.  Applied  way  of  such  estimation  gives  simultaneously  technical  solution  to 
minimize  this  effect  by  adaptation  where  alignment  of  impedance  mismatch 
between  disturbed  antenna  and  transmitter/receiver  firont-end  circuits  is  employed. 

Some  aspects  of  presented  above  studies  are  now  in  progress  including  non-linear 
antennas  with  some  signal  processing  and  adaptation  opportunities,  effects  of  non- 
uniform  and  stochastic  nature  of  soimding  media,  influence  of  random  rough 
surface  on  border  between  two  media,  improvement  of  signal  processing  of  radar 
data  based  on  antenna  behavior  and  so  on. 
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INTEGRATED  OMNI-DIRECTIONAL  MICROSTRIP 
ANTENNA  SYSTEM  ON  A  BALLISTIC  HELMET 
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ABSTRACT 

Invention  of  a  novel  integrated  conformal  microstrip  antenna  system  on  a  soldier' 
helmet  is  described.  Using  part  of  the  Kevlar  material  as  the  substrate  material, 
microstrip  antennas  have  been  fabricated  in  the  ballistic  Kevlar  helmet  and  tested 
for  performance  in  an  omni-directional  communication  system  applications  for 
battlefield  communications. 


1.  THE  INTEGRATED  CONFORMAL  ANTENNA  DESIGN 


The  schematic  of  the  integrated  conformal,  drodar  polarized,  microstrip 
antenna  system  on  a  ballistic  Kevlar  helmet  is  shown  in  Figure  1. 
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Figure  1.  An  outline  of  the  integrated  conformal  microstrip  antenna  on  a 
ballistic  helmet. 
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For  robust  and  durable  communications,  dismounted  war  fighters  need  efficient 
antennas  that  remain  reasonably  matched  to  the  communication  system  in  a 
mobile  environment  over  the  required  frequency  band.  Ihe  top  surface  of  the 
balhstic  Kevlar  helmet  provide  the  prime  real  estate  for  integrating  a  conformal 
antenna  operating  in  firequency  bands  in  the  1  GHz  -  30  GHz  range.  For  terrestrial 
communication,  like  a  localized  communication  eovironment  in  the  battle  field 
operating  in  the  IGBhi:  -  3  GHz  frequency  range,  microstrip  antennas  can  be 
integrally  fabricated  using  part  of  the  Kevlar  material  as  the  substrate.  Whereas  for 
satellite  communications,  in  the  higher  end  of  the  frequency  spectrumC  10  GHz  and 


Figure  2.  A  circular  polarized  circular  microstrip  patch  integrated  into  an 
actual  ballistic  helmet  is  shown  here. 
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above  )  thin  substrates  are  needed  and  the  substrate  material  like  thermount 
polyimide  substrates,  or  better  thin  substrates,  coidd  be  molded  into  the  helmet 
during  the  helmet  manufacturing  process  without  causing  appreciable  weight 
increase. 

For  operation  around  1.8GHz,  several  helmets  with  integrated  microstiip 
antennas  have  been  fabricated.  During  the  helmet  manufacturing  process,  in  the 
preforming  stage,  a  thin  conducting  screen  mesh  was  placed  in  the  middle  layer  and 
molded  into  the  helmet.  Hie  conducting  screen  provides  the  antenna  ground  surface. 
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It  also  will  act  as  the  elecbromagnetic  or  microwave  shield  for  the  head  of  the  soldier. 
Hie  screen  adds  very  little  to  the  weight  and  aUows  bonding  resins  to  pass  through 
without  degrading  the  integrity  of  the  helmet  structure.  Ihin  copper  sheet  was 
molded  onto  the  top  surface  during  the  one  step  helmet  manufacturing  process. 

Ballistic  tests  were  performed  at  U.S  Army  Aberdeen  Proving  Ground  to  confirm 
that  this  modified  structure  meets  the  performance  standards. 

2.  iaG>ER[MENTAL  RESULTS 

The  microstrip  patch  antenna  was  etched  into  the  top  surface  nsing  a  specdal 
fabrication  technicjue.  Open  microstnp  line  as  well  as  shielded  thin  strip  lines  were 
used  to  feed  the  patch  antenna  at  the  top  surface  of  the  helmet.  In  excess  of  80  MHz 
bandwidth  was  obtained  at  l.SGHz  center  frequency.  Hie  open  miaostrip  hnp  was 
found  to  be  lossy  if  the  helmet  material  is  used  as  its  substrate  and  because  of  the 
curvature  of  the  surface,  excessive  radiation  losses  occurred.  Both  of  these  problems 
were  eliminated  by  using  thin  shielded  stripline  feed  bonded  into  the  top  surface. 


Figure  4.  Ihe  Kevlar  ballistic  helmet  with  the  bonded  copper  sheet  on  the  top 
surface.  It  passed  the  ballistic  test.  The  projectile  holes  are  visible. 
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It  was  found  that  sufficiently  thick  copper  sheets  need  to  be  used  for  bonding  onto 
the  top  smface  of  the  helmet  for  microstrip  antenna  fabrication  because  the 
pressure  applied  during  the  one  step  helmet  manufacturing  process  is  quite  high. 

Antenna  patterns  were  measm*ed.  It  was  found  that  unless  the  feed  lines  are 
shielded,  radiation  finm  the  feed  line  significantly  distorts  the  antenna  pattern. 

One  advantage  of  this  antenna  is  that  it  is  hidden  with  the  hehnet  external 
smface  coating  and  could  be  used  in  search  and  rescue  operations  for  missing 
soldiers. 


3.  REFERENCES 

[  1  ]  P.  K.  Bondyopadhyay,  "Integrated  Microstrip  Helmet  Antenna  S3^tem",  U.S. 
Patent  No.  5,886,667,  March  23,  1999. 
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SYSTEM  FOR  SATELLITE  SIGNAL  RECEPTION 

Part  1.  Preliminary  Design  Considerations 

Dr.  Probir  K.  Bondyopadhyay 
GSA  SYSTEMS  INC. 

14418  Oak  Chase  Drive 
Houston,  Texas  77058 
E  Mail :  p.bondy@worldnet.att.net 

ABSTRACT 

Invention  of  a  novel  planar  microstrip  lens  array!  1  ]  that  receives  circular 
polarized  microwave  signal  from  any  given  direction  on  one  side  and  focuses  the  signal 
at  any  point  on  the  other  side  without  requiring  any  phase  shifters  is  described.  This 
antenna  has  applications  in  receiving  broadcast  signals  at  home  through  the  roof 
from  geosynchronous  sateUites. 

1.  PRINCIPLES  OF  THE  LENS  ANTENNA  DESIGN 

The  schematic  of  the  circular  polarized  planar  microstrip  lens  array  is  shown  in 
Figure  1.  A  planar  array  of  circular  polarized  microstrip  element  clusters  receive 
satellite  signals  from  any  chosen  direction  and  transmits  it  to  the  other  side  to  focus 


Figure  1.  Circular  polarized  microstrip  lens  array  for  satellite  signal  reception. 
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at  any  arbitrarily  chosen  point  as  depicted  in  the  diagram.  A  planar  NxN  array  of 
sensors  can  be  designed  to  receive  plane  wave  signals  jfrom  a  given  direction  by 
providii^  the  array  elements  with  a  linear  phase  gradient  pertinent  to  that  direction. 

In  particular,  consider  a  planar  array  of  NxN  elements.  The  mnth  element  is 
located  at  ( x  ,  y  )  in  the  Cartesian  coordinate  frame.  The  array  is  at  z  =  0  plane 

and  the  origin  is  at  the  center  of  the  array. 

1.1  The  Focusing  Action 

Let  the  array  elements  focus  the  signal  at  the  point  F  located  at  ( Xp,  yp,  Zp ). 
The  distance  between  the  mnHh  element  and  the  focal  point  is 


/  2  2  2 

dynn^4(x^-X  )  +(V^-y  )  +Z^ 

mn  f  mn^  F  mn‘'  F 


....  (1) 


The  Tnnth  element  is  provided  with  a  phase  shift  of  €  ®  where  is  the 
wavelength  at  the  center  frequency  of  operation.  The  uniformly  excited  array  will 
then  focus  at  point  F.  The  focusing  action  can  be  numerically  verified  by  computing 
and  plotting  the  array  factor  of  the  planar  array: 


Array  Factor 


N  N  ^ 
m=ln^ 


£  ^  e  0 


For  a  16x16  element  square  array  with  element  spadngs  of 

and  uniform  excitation,  the  array  factor  magnitude  has  been  computed  and  is  shown 
in  Figure  2.  The  focus  is  at  (  0,  0,  ).  The  focusing  action  is  clearly  visible. 

1.2  The  Phase  Shift  for  the  Focusing  Action 

The  relative  phase  shifts  to  the  circular  polarized  antenna  elements  ( or  cluster 
elements  in  the  present  case  )  corresponding  to  the  respective  focal  path  lengths  in 
( 1 )  are  provided  by  relative  rotation  of  the  elementsC  or  clusters )  around  its  axis 
with  respect  to  the  reference  axis  of  the  array.  The  antenna  elements  are  discussed 
next. 


511 


Array  Factor  Gain  in  dB 


Figure  2.  Ilie  focusing  action  exhibited  by  the  array  factor  of  the  16x16  element 
array, 

2.  CIRCULAR  POLARIZED  LENS  ARRAY  ELEMENT 


As  shown  in  Figure  3  and  4,  the  planar  lens  array  element  on  both  sides  is  a  2x2 
cluster  of  circular  polarized  microstrip  antennas.  The  elements  could  be  either 
circular  or  square;  each  element  of  the  cluster  is  circular  polarized  with  dual 
microstrip  line  feed.  Sequential  rotation  and  phasing  technique  has  been  applied  to 
the  2x2  cluster  to  increase  the  axial  ratio  bandwidth  as  well  as  the  impedance 
bandwidth. 

The  feed  structure  is  matched  at  the  center  frequency  with  a  50  ohm  end  feed 
line  which  is  appropriately  terminated  such  that  the  2x2  cluster  performs  as  a 
circular  polarized  ( in  this  case  RHCP  )  resonant  'tank  circuit'  or  reservoir  of  the 
received  as  well  as  retransmitting  signal.  The  printed  clusters  on  two  sides  are 
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conductively  connected  with  coaxial  feed  lines.  It  is  possible  to  introduce  fixed 
attenuators  or  LNA's  along  this  connecting  lines  to  provide  predetermined  amplitude 
tapers  to  improve  the  side  lobe  levels  of  the  focusing  planar  array. 


Figure  3.  Schematic  of  the  2x2  circular  polarized  microstrip  antenna  element 
cluster  receiving  right  circular  polarization.  Tlus  is  the  antenna 
element  building  block  for  this  novel  planar  lens  array. 


Figure  4.  Schematic  of  the  2x2  circular  polarized  microstrip  antenna  element 

cluster  receiving  left  circular  polarization.  This  is  the  antenna  element 
building  block  for  this  novel  planar  lens  array. 
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3.  PRELIMINARY  EXPERIMENTAL  RESULTS 

Tlie  antenna  cluster  elements  shown  in  Figure  3  and  4  have  been  designed  built 
and  tested[  2  ]  in  the  Ku  band  as  well  as  in  Ka  band.  A  sixteen  element  subarray  built 
on  a  10  mil(  0.254  mm  )  thick  low  loss  substrate  is  found  to  have  well  over  1  GHz 
bandwidth  (  axial  ratio  as  well  as  impedance  bandwidths )  at  29.5GHz  center 
frequency. 

The  design  is  to  be  optimized  by  experimental  iterations  and  tuning  stubs  are  to 
be  generally  avoided.  A  superstate  laiyer  of  similar  radiating  elements  are  placed  on 

top  of  this  array  layer  with  electromagnetic  coupling  to  avoid  exposing  the  cluster 
element  feed  lines. 

There  are  several  ways  dual  circular  polarization  operations  could  be  realized.  One 
of  them  being  having  the  two  dimensional  array  with  alternate  positioning  of  RCP 
and  LCP  elements.  In  stead  of  the  foiir  element  cluster,  sixteen  element  clusters  are 
also  the  possibility. 

Efforts  are  underway  to  extend  this  subarray  based  phase  shifter  less  lens 
array  to  the  non  planar  case  in  the  form  of  a  parabolic  toroid  to  explore  the 
possibility  of  LEO  satellite  signal  reception[  1  ]. 

4.  PRACTICAL  APPLICATIONS 

The  novel  planar  lens  array  described  above  has  direct  practical  applications  in 
the  reception  of  satellite  or  terrestrial  signals  in  the  microwave  and  millimeter  wave 
frequency  bands  at  home,  offLce  buildings  and  other  structures.  This  planar  lens  array 
will  merge  with  the  planar  roofs  or  walls  and  the  signals  are  received  inside  at  a 
convenient  fixed  location  thus  eliminating  the  need  for  a  nonconformal  dish.  This  lens 
can  be  designed  for  either  sense  of  circular  polarizations  or  for  dual  circular 
polarizations. 

5.  REFERENCES 

[  1 1  ^obir  K.  Bondyopadhyay,  "Circular  Polarized  Mcrostrip  Lens  Array  for 
SatelHte  Signal  Reception,  U.S.  Patent  Application,  United  States  Patent 
and  Trademark  Office,  Washington,  D.C.  November  1998. 

[  2  ]  P.  K.  Bondyopadhyay,  "High  Performance  Circularly  polarized  microstrip 
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No.  5,661,494,  26th  August  1997. 
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1.  Abstract: 

In  a  joint  venture  with  the  Naval  Research  Laboratory  (NRL),  engineers 
from  Northrop  Grumman  have  designed  and  fabricated  a  wideband  phased 
array  transmitting  antenna  to  meet  the  Navy’s  ECM  (Electronic 
Countermeasures)  needs  into  the  21st  Century.  This  Advanced  Technology 
Demonstration  (ATD)  antenna  underwent  extensive  range  tests  in  1998  and 
the  spring  of  1999.  At  sea  testing  was  completed  in  July  of  this  year. 

Unique  features  of  this  2-D  scanned  array  include  timp  delay  beam 
steering  using  a  photonics  feed  manifold  that  limits  frequency  dispersion 
losses  and  undesirable  time  delay  grating  lobes.  The  utilization  of  a  photonic 
feed  also  permits  the  location  of  the  beam  steering  computer  and  RF 
transmitter  well  inboard  of  the  array,  as  much  as  two  hundred  feet  removed 
&om  the  antenna.  This  represents  an  important  cost  savings,  because  the 
operating  environment  below  decks  is  much  less  severe  for  this  equipment. 
By  limiting  the  frequency  dispersion,  a  wide  instantaneous  bandwidth  can  be 
achieved. 

The  rectangular  transmit  array  consists  of  480  radiating  elements,  240 
horizontally  oriented,  240  vertically  oriented.  Each  element  is  a  patented 
stepped  notch  radiator  design,  which  features  a  stable  beamwidth  with  good 
impedance  match  over  a  frequency  bandwidth  in  excess  of  1.5  octaves. 
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Photographs,  block  diagrams  and  a  partial  array  of  the  radiating  elements 
wiU  be  included  in  the  presentation,  as  weU  as  far  field  patterns  of  the 
antenna  under  test 

2.  Background 


This  paper  complements  a  technical  paper  delivered  at  the  1997  Antenna 
Applications  Symposium.  The  first  paper  was  essentially  a  progress  report  on  the 
design,  development  and  testing  of  the  Northrop  Grumman/  NRL  wideband  ECM 
transmit  array.  Hie  following  presentation  reports  on  the  outdoor  range  and  at-sea 
test  phases  of  this  on-going  project. 


•^e  Advanced  Technology  Demonstration  (ATD)  transmit  antenna  described  in 
s  paper  is  an  active  ECM  array  capable  of  scanning  in  azimuth  and  elevation, 
and  was  designed  to  provide  fleet  protection  over  a  wide  frequency  bandwidth. 

2.1  ECM  Transmitter  Block  Diagram 

As  illustrated  in  Figure  1,  the  ECM  Transmitter  is  partitioned  into  outboard  and 
inboard  subsystems,  to  aUow  operation  of  the  signal  formation  and  control  section 
m  a  moderate  environment  within  the  ship,  while  the  antenna  portion  is  mounted 
^  Of^httum  site  on  the  ship  stmcture  for  proper  angular  coverage. 

Deck  MMIC  Transmit  Modin^  I 


Interface 

Assemblies 


RF 

Modules 


Array 


Optical  Cables 


Below. Deck 


Photonic  Beam  Former  (PBF) 


RF  Switching  Network 


EA  Techniques  Generator 


Beamforming 
Computer  (BFC) 


System  Controller 
(CBD) 


Figure  1  -  ECM  Transmitter  Functional  Block  Diagram 


516 


WiA  the  exception  of  the  Beamforaiing  Computer  (BFC),  NRL  engineers 
designed  and  built  all  the  below  decks  equipment,  and  Northrop  Grummman 
engineers  designed  and  built  all  the  above  decks  equipment. 

The  planar  array  in  the  outboard  section  of  the  ECM  Transmitter  is  an  active 
aperture  design  (a  power  amplifier  and  phase  shifter  accompany  each  radiating 
element)  which  permits  a  modular,  platform-adaptable  approach.  Sections  of  the 
array  face  can  be  allocated  to  counter  separate,  specific  in-coming  threats.  The 
array  consists  of  radio  frequency  (RF)  photo-detectors,  power  amplification  and 
phase  shift  modules,  a  planar  aperture  of  radiating  elements  and  a  wideband 
radonie.  The  inboard  section  is  made  up  of  a  fiber-optic  beamforming,  switching 
and  distribution  network,  along  with  a  waveform/techniques  generator  for  RF 
signal  generation.  The  complete  ECM  Transmitter  System  forms  and  radiates  the 
required  number  of  beams  at  selected  power  levels,  time  intervals,  frequencies, 
and  pointing  angles  in  either  simultaneous  or  time  shared  modes. 


2.2  The  Transmit  Array 

The  ECM  System  Transmit  array  is  illustrated  in  the  functional  schematic  of 
Figure  2. _ 
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Figure  2.  ECM  System  Functional  Schematic 
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RADOME 


The  transnut  a^y  consists  of  four  subairays,  each  independently  controlled  to 
Pomh'st^r  a  beam.  RF-modulated  photonics  energy  is  transmitted  from 
below  d^ks  via  16  fiber-optic  cables  to  Photo  Detectors  located  in  the  16  transmit 
array  subapertures.  See  Figure  3  for  array  nomenclature. 


y 


The  Photo  Detectors  recover  the  RF  and  convey  it  to  one  of  16  Interface 
Amplifiers,  where  array  gain  control  is  performed  in  cases  where  non-uniform 
power  distnbutron  is  required.  The  RF  then  passes  through  a  l-to-15  striplme 
power  divider  to  low-  and  high-power  modules,  where  the  digital  phase  shifters 
Md  fina^  stage  amplifiers  are  located.  The  active  aperture  planar  array  has 
sufflctent  radiafing  elements  and  associated  Microwave  Monolithic  Integrated 
ircut  (MMIC)  power  amplifiers  to  achieve  the  effective  radiated  power  (ERP) 
ne^^  to  protect  the  ship  from  incoming  missile  or  aircraft  attack  radars.  A 
wtdebaiid  tadome  provides  antenna  protection  from  the  environment  with 
minimal  impact  on  antenna  performance. 
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3.  Range  Testing 


After  assembly  and  extensive  bench  testing  in  a  Northrop  Grumman  engineering 
laboratory,  the  transmit  array  was  conveyed  to  the  far  field  range  at  Linthicum, 
Maryland,  where  it  was  linked  to  the  NRL  photonics  unit  for  software  de-bugging 
and  array  calibration.  Figures  4  and  5  show  the  assembled  antenna  mounted  for 
testing  on  the  far  field  range.  The  antenna  is  rotated  on  its  pedestal  45  degrees  to 
measure  an  intercardinal  axis. 


4. .  Array  Mounted  for  Testing  at  Outdoor  Antenna  Range  with  Radome  in 

Place 
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Figure  5.  Array  Mounted  for  Testing  with  Radome  Removed 


hen  installed  on  board  ship,  the  array  antenna  is  oriented  in  a  diamond 
configuration  to  minimize  sidelobes  on  the  principal  azimuth  and  elevation  axes. 

e  amay  consists  of  240  pairs  of  wideband,  stepped  notch  radiating  elements 
•  vemcally  and  honzontaliy.  Several  radiator  designs  were  considered 

including  the  stnplme  exponential  notch,  but  investigation  by  computer 
sirnulauon  showed  that  over  the  required  frequency  bandwidth,  the  stepped  notch 
performed  best.  The  limited  interelement  spacing  imposed  by  the  need  to 
nunimize  grating  lobes  at  extreme  scan  angles  was  an  important  factor.  A  closeup 
of  the  array  face  with  the  radome  removed  is  shown  in  Figure  6. 
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Figure  6.  Array  Showing  Detail  of  Individual  Radiating  Elements 


The  notch  radiators  transition  from  coaxial  push-on  connectors  to  stripline  to  slot¬ 
line  to  free  space.  Impedance  matching  at  each  stage  is  achieved  using  Northrop 
Grumman-developed  optimization  routines.  The  stepped  notch  design  itself  is 
described  in  two  Northrop  Grumman  patents  (See  References  1.  And  2.).  Details 
of  the  individual  stepped  notch  element  design  can  be  seen  in  the  photo  of  Figure 
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Figure  7.  Radiating  Elements  With  Ground  Plane  Cover  Removed,  Showing 

Stripline  Feeds 


3.1  Antenna  Element  Patterns 

Prior  to  transporting  the  assembled  antenna  to  the  tar  field  range,  the  array  ua.-> 
mounted  in  an  indoor  anechoic  chamber  and  patterns  were  measured  on  individual 
radiating  elements  over  a  1 .5  octave  frequency  band. 

Figure  8  shows  tour  patterns  ot  an  individual  radiating  element  taken  in  the  E-  and 
H-  planes,  at  the  high  and  low  frequency  extremes.  The  pattern  shapes  remain 
similar,  permitting  the  array  antenna  to  scan  over  wide  angles,  regardless  of  the 
operating  frequency.  Cro.ss-pol  radiation  was  also  recorded."^ 
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2.2  Phase  Shifter  Linearization 


The  Northrop  Grununan  phase  shifters  employed  in  this  array  were  located  in  the 
Low  Power  Modules  to  minimize  RF  power  handling  requirements.  They 
consisted  of  gallium  arsenide  MMIC  devices  with  FET  switching,  and  were 
digitally  controlled  from  the  beamforming  computer  below  decks. 

Slight  variations  in  individual  phase  shifter  performance,  caused  by  built-in 
manufacturing  tolerances,  were  expected.  As  each  phase  shifter  was  cycled  from  0 
to  354  degrees,  deviations  in  the  slope  from  one  shifter  to  the  next  were  noted.  It 
was  therefore  necessary  to  linearize  each  of  the  480  phase  shifters  in  the  array. 
This  was  accomplished  digitally  with  aid  of  the  beamforming  computer,  and 
results  were  stored  in  RAM  files  in  the  computer. 

33  Array  Calibration 


When  phase  shifter  linearization  was  completed,  the  transmit  modules  were  next 
calibrated.  This  step  is  required  to  assure  a  uniform  phase  front  when  RF  is 
radiated  by  the  individual  transmit  elements.  Small  variations  in  path  length  from 
the  photomcs  detectors  through  the  amplification  stages  and  phase  shifters  to  the 
array  radiating  elements  must  be  compensated  for  by  calibration  of  each  RF 
charmel.  This  is  accomplished  by  causing  each  charmel  to  radiate  individually  on 
the  far  field  range,  detecting  the  energy  received,  and  correcting  the  phase  with  the 

aid  of  the  beamforming  computer.  Once  these  preliminary  steps  were  completed, 
pattern  testing  could  begin. 

3.4  Pattern  Testing 

After  completion  of  the  transmit  array  linearization  and  calibration  procedures,  the 
photonics  unit  was  transported  to  the  Northrop  Grumman  outdoor  range  from  the 
Naval  Research  Laboratory  near  Washington.  The  photonics  unit  included  eight 
wavelength-tuneable  lasers,  two  for  each  antenna  subarray.  Several  weeks  were 

required  to  set  up  and  integrate  the  two  systems,  after  which  pattern  testing 
commenced. 
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As  a  result,  the  quality  of  the  array  patterns  improved  considerably. 
Figure  9  is  a  typical  pattern  taken  at  a  frequency  near  the  low  end  of  the  array  pass 
band. 


Figure  9.  A  Typical  Array  Pattern  at  Low  Frequency 
Phase  Errors  Nulled  Out 


The  antenna  modules  transmitted  equal  power,  producing  a  uniform  amplitude 
distribution  across  the  array  face.  However,  since  the  antenna  was  mounted  in  the 
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diamond  configuration,  computer  simulations  predicted  sidelobes  in  the  -20  to  - 
24  dB  range  along  the  principal  axes,  which  proved  accurate  in  most  cases. 
Individual  transmit  modules  performed  better  at  some  frequencies  than  at  others, 
consequently  there  was  variation  noted,  depending  on  desired  frequency  and 
polarization. 

3.4.1  Cross-Polarization  Component 

The  amount  of  RF  energy  wasted  in  cross-polarization  was  of  interest  to  the  Navy 
project  managers.  Depending  on  the  tactical  requirements,  RF  was  transmitted 
through  a  90  degree  hybrid  coupler  to  either  of  two  radiating  elements.  Since  the 
couplers  are  not  perfect,  some  energy  radiates  in  the  unwanted  polarization 
orientation.  Figures  10a  and  10b  illustrate  cross-polarization  levels  for  beams  in 
the  unscanned  and  scanned  positions. 


Figure  10a.  Azimuth  Pattern  Near  Center  Frequency  Showing  Cross- 

Polarized  Component 
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Figure  10b.  Scanned  Azimuth  Pattern  Near  Center  Frequency  Showing 
Cross-  Polarized  Component 

An  interesting  feature  of  the  cross-pol  pattern  is  the  skewed  nature  of  the  power 
distribution.  Instead  of  having  a  maximum  in  the  same  direction  as  the  principal 
pattern,  the  cross-pol  beam  points  off  to  one  side  by  several  degrees.  This  is 
evident  in  both  the  array  and  the  individual  element  patterns.  Dr.  Dan  Schaubert 
and  others  at  the  University  of  Massachusetts  have  studied  this  phenomenon  and 
attribute  it  to  the  asymmetric  construction  of  the  radiating  element,  as  noted  in 
Figure  1 1.  The  element  load  is  off  to  one  side  in  this  stripline  design.  Subsequent 
computer  simulations  showed  that  when  this  load  was  relocated  along  slot  center 
line,  the  cross-pol  pattern  aligned  with  the  main  beam. 


Copper  Thickness=  0.0007" 

Aluminum  Element  Thickness=  0.062" 
Dielectric  Thickness=  0.0215" 


II 


GPO 

Connector 


Figure  11.  Detail  of  the  Radiating  Element  Design  Showing  Asymmetric 

Load  Location 

3.4.2  Scanned  Beams 

Modem  ECM  transmitters  must  provide  wide  angular  coverage  to  assure 
protection  of  the  ship  from  attack  at  all  approach  angles.  The  capability  to  scan  to 
60  degrees  or  more  was  therefore  built  into  the  Northrop  Grumman/NRL  ECM 
system.  Figures  12a  and  12b  show  the  antenna  beam  scanned  to  plus  and  minus  45 
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degrees,  and  Figure  13a  and  13b  illustrate  a  main  beam  scanned  to  +30  and  -60 
degrees,  respectively.  The  transmit  frequency  was  near  the  low  end  of  the  band  in 
Figure  12,  and  around  center  frequency  for  Figure  13. 


Figure  12a.  Azimuth  Pattern  of  Beam  Scanned  to  +  45  Degrees  at  Low 

Frequency 


Figure  12b.  Azimuth  Pattern 


f  Beam  Scanned  to  -  45  Degrees  at  Low 
requency 
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Figure  13a.  Azimuth  Pattern  of  Beam  Scanned  to+30  Degrees  Near  Center 

Frequency 
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Figure  13b.  Azimuth  Pattern  of  Beam  Scanned  to  -60  Degrees  Near  Center 

Frequency 

3.5  Instantaneous  Bandwidth 

A  wide  instantaneous  bandwidth  is  important  in  ECM  transmitters,  not  only  to 
emit  wideband  jamming  noise,  but  also  to  transmit  precisely  shaped  signals  used 
in  deception  and  communication. 

Testing  of  the  transmitter  instantaneous  bandwidth  consisted  of  three  steps: 

1)  Tuning  the  modules  and  phase  shifters  to  optimize  at  a  nominal  frequency 
such  as  9.5  GHz.  The  stored  calibration  tables  are  utilized  for  this  purpose. 
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2)  Causing  the  transmitter  to  accept  and  transmit  RF  from  the  Techniques 
Generator  at  a  different  frequency,  such  as  9.0  GHz. 

3)  Observe  the  pattern  degeneration  and  determine  what  is  acceptable. 

Figures  14  and  15  illustrate  the  test  results.  Figure  14a  is  three  superimposed 
patterns  of  the  unscanned  transmit  anterma  tuned  to  8.5,  9.0  and  9.5  GHz  with 
the  Techniques  Generator  operating  at  9  GHz.  Though  there  is  some  pattern 
deterioration,  good  quality  RF  can  still  be  reproduced  at  a  receiving  site  normal  to 
the  transmit  array. 

Figure  14b  illustrates  three  superimposed  patterns  of  the  unscanned  transmit 
antenna  tuned  to  8.0, 9.0  and  10.0  GHz  with  the  Techniques  Generator  operated  at 
9  GHz.  Though  pattern  deterioration  and  some  scanning  off  axis  are  evident,  the 
directed  beam  is  still  useable. 


4 


Figure  14a-Three  Superimposed  Unscaimed  Patterns  Testing  Instantaneous 

Bandwidth  of  1  GH[z. 
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Figure  14b.  Three  Superimposed  Unscanned  Patterns  Testing  Instantaneous 

Bandwidth  of  2  GHz. 

Behavior  of  the  array  when  scanned  is  seen  in  Figure  15.  Once  again,  the  array 
modules  were  tuned  to  their  calibrated  values  at  8,  9  and  10  GHz,  the  Techniques 
Generator  operated  at  9  GHz,  and  patterns  were  recorded.  Beam  scan  deviation  is 
more  marked,  but  since  resulting  gain  loss  is  less  than  1  dB,  the  error  was  deemed 
acceptable. 
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Figure  15.  Three  Superimposed  Scanned  Patterns  Testing  Instantaneous 

Bandwidth  of  2  GHz. 

Thus,  the  ECM  transmit  array  illustrated  an  instantaneous  bandwidth  on  the  order 
of  2  GHz,  ample  for  transmission  of  wideband  noise  as  well  as  deception  and 
communications  signals. 


4.  Unfocussed  Noise 

j  It  is  important  to  minimize  RF  radiation  from  transmitters  in  the  quiescent  state. 

Ships  at  sea  in  certain  tactical  situations  do  not  wish  to  advertise  their  presence  by 
turning  on  their  radar  or  ECM  systems.  Keeping  radiation  to  a  minimum  when  the 
transmitters  are  turned  off  is  therefore  critical.  Such  radiation  is  called 
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unfocussed  noise,  and  is  caused  by  emissions  from  module  output  power 
amplifiers  without  any  RF  input  from  the  Techniques  Generator. 

During  the  range  test,  the  interface  amplifiers  were  turned  off  to  assure  no  input 
from  the  RF  power  source.  Figure  16  illustrates  the  results.  With  the  output 
amplifiers  turned  off,  the  outdoor  range  noise  level  was  on  the  order  of  -60  dB 
below  main  beam  peak.  Superimposed  over  this  noise  is  the  trace  of  array 
unfocussed  noise  with  the  output  amplifiers  turned  on,  which  showed  a  maximum 
value  about  -50  dB  below  main  beam  peak. 
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Figure  16.  Emissions  of  Antenna  Unfociissed  Noise  with  the  Outdoor  Range 

as  Noise  Floor 


536 


5.  At  Sea  Testing 


The  ECM  transmit  array  was  operated  and  evaluated  at  sea  on  a  research  vessel  in 
the  Gulf  of  Mexico.  This  demonstrated  the  usefulness  of  the  system  and  it’s 
suitability  to  the  real  life  situations  and  environment  needed  to  be  an  effective  EW 
asset  for  the  Navy. 

The  array  was  flush  mounted  on  a  convenient  broadside  surface  of  the  ship.  The 
DC  power  supply  was  secured  safely  below  decks.  The  beam-forming  computer 
was  located  in  the  operations  room  along  with  the  photonics  source  and  the  RF 
Techniques  Generator.  Coolant  and  dry  nitrogen  were  fed  to  the  array  from 
below. 

The  ECM  transmit  array  is  fitted  with  one  mutual  coupling  receive  radiator  for 
each  quadrant  of  the  aperture.  These  radiators  were  remotely  monitored  as  single 
RF  modules  were  turned  on  one  at  a  time.  The  magnitudes  of  these  readings  were 
compared  to  the  same  readings  taken  at  the  antenna  range  at  Northrop  Gmmman 
during  the  calibration  process.  This  provided  a  baseline  to  verify  healthy 
operation  of  the  RF  network  as  well  as  proper  array  timing  and  control.  As  a  final 
end-to-end  check  of  performance,  CW  was  radiated  from  the  array  to  a  test  horn 
and  power  meter  on  the  pier.  The  ERP  measured  was  compared  to  readings  taken 
previously  at  the  far  field  range.  After  making  adjustments  for  the  difference  in 
array-to-hom  distance,  the  power  readings  were  as  expected. 

The  underway  testing  went  smoothly.  The  cooperative  engagement  with  an 
aircraft  lasted  for  a  few  hours  a  day  for  most  of  a  week.  Wide  and  narrow  band 
techniques  were  demonstrated  by  the  ECM  transmit  array,  which  was  being 
controlled  by  a  PC  set  up  as  system  controller  via  an  Ethernet.  Many  different 
frequencies  and  modes  were  successfully  demonstrated. 

The  conclusions  drawn  from  the  at-sea  exercise  are  that  the  ECM  transmit  array 
was  well  suited,  both  electrically  and  mechanically,  for  shipboard  applications. 
The  design  parameters  of  the  array  and  associated  electronics  proved  capable  of 
withstanding  the  rigors  of  real  life  conditions,  ambient  temperature  as  well  as 
vibration,  of  operation  on  board  naval  ships. 
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